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Abstract

The development of a 6-bit 15.625 MHz CMOS two-step analog-to-digital
converter (ADC) is presented. The ADC was developed for use 1n a low dead time, high-
performance, sub-nanosecond time-to-digital converter (TDC). The TDC 1s part of a new
custom CMOS application specific integrated circuit (ASIC) that will be incorporated in
the next generation of front-end electronics for high-performance positron emission
tomography imaging.

The ADC 1s based upon a two-step flash architecture that reduces the comparator
count by a factor-of-two when compared to a traditional flash ADC architecture and thus
a significant reduction 1n area, power dissipation, and input capacitance of the converter
1s achieved. The converter contains time-interleaved auto-zeroed CMOS comparators
These comparators utilize offset correction 1n both the preamplifier and the subsequent
regenerative latch stage to guarantee good integral and differential non-linearity
performance of the converter over extreme process conditions. Also, digital error
correction was employed to overcome most of the major metastability problems inherent
1n flash converters and to guarantee a completely monotonic transfer function.

Corrected comparator offset measurements reveal that the CMOS comparator
design maintains a worse case input-referred offset of less than 1 mV at conversion rates
up to 8 MHz and less than a 2 mV offset at conversion rates as high as 16 MHz while
dissipating less than 2.6 mW. Extensive laboratory measurements indicate that the ADC
achieves differential and integral non-linearity performance of less than 12 LSB with a

20 mV/LSB resolution. The ADC dissipates 90 mW from a single 5V supply and

occuples a die area of 1.97 mm x 1.13 mm in 0.8 um CMOS technology.
v
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Chapter 1

Introduction

1.1 Time Measurement Application for Positron Emission Tomography

The precise electronic measurement of time between two physical events 1s very
important and fundamental in many experimental and applied systems. A time-to-digital
converter (TDC) is one type of an electronic instrumentation system that 1s capable of
measuring the time difference between two random events. Time-to-digital converters
have a variety of industrial and research applications. They are used 1n laser range finding
where distance measurements are required, instrumentation and electronic test equipment
such as digital storage oscilloscopes, positron emission tomographs and various high-
energy physics experiments. The TDC described in this work 1s for use in commercial
positron emission tomography (PET) medical imaging systems.

In a PET system, a positron emutting radionuclide 1s injected into the patient.
When a positron comes 1nto contact with an electron within the body, the two particles
annihilate and produce two iime comcident 511 keV gamma rays that are emitted 180
degrees apart. If two gamma ray detectors are placed on opposite sides of the body, the
detection and coincidence measurement of two anmhilation photons can be performed
(Figure 1-1). Many gamma ray detectors are arranged 1n paralleled rings that encircle the
patient to be imaged to generate a full tomographic data set [1]. A time measurement 1s
required to detect the coincidence of two opposing gamma rays that hit two detector

pairs. Coincidence refers to the arrival and detection of two events 1n a particular timung



*UO0IJIIIP DUIPIOUI0D JUAI L H Jo sapdiourad diseq *J-1 an31g

UOT30939p 90USPTOUTOD AQ paloalal sjuang -------

UCTID9)9P 3DUSPTOUTOD Aq paidaooe sjusag

1030939(Q < W T zm

(

1030933(




window. Only the events that are in coincidence are accepted and all others are rejected.
The line between the two detector pairs 1s known as the line of response. From the timing
measurements, a histogram array of coincident events 1s then generated that contains all
possible lines of response. The histogram array of all possible lines of response 1s called a
sinogram. This sinogram 1s converted mto a medical mmage through various
reconstruction techniques.

Since in a PET system a large number of measuring channels is required, a key
goal 1s to realize the TDC 1n standard low cost technologies, such as CMOS, while
meeting the design challenges of high-performance sub-nanosecond time resolution. The
TDC discussed here will be part of a new custom, front-end CMOS integrated circuit for
high-performance Lutettum Oxyorthosilicate (LSO) PET imaging applications. The
motivation for the development of a custom, front-end CMOS integrated circuit 1s the
reduction 1n cost, size, and power while simultaneously increasing performance,

reliability, and testability of the system

1.2 Time Measurement System Description and Requirements

1.2.1 Time Measurement OQverview

An architectural description of this proposed front-end CMOS application specific
integrated circuit (ASIC) is shown 1n Figure 1-2. The timing output of the constant-
fraction discriminator (CFD) is connected to the TDC where the event time 1s digitized
with respect to the nising edge of the system clock. The CFD provides logic timing signal

that is independent of the input signal amplitude. Figure 1-3 shows the system level

!
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timing waveforms that are relevant to the TDC. The event signal from the CFD is
completely random with respect to the 16 ns system clock and serves as an asynchronous
start command to the TDC. The 80ns SYNC signal provides a synchronous stop
command to the TDC. Thus, the objective is to digitize the time interval labeled Teven 1n
Figure 1-3. This time period can be divided into two major parts: a T, time period and a
Tcoarse time period. The Tpqre time 1nterval requires a coarse timung resolution of 16 ns
and can be provided by just counting the system clock once the event signal has been
detected. The duration of the T,y time interval can ideally vary from Ons to 80 ns
depending upon the occurrence of the event signal relative to the rising edge of the
system clock. A fine timing resolution system is needed to resolve and determine the time
interval Tgn.. The Tg,. time nterval 1s composed of the two time periods, which are T,
and T,44. The 1nterval T, 1s the total ime from the event to the next rising edge of the
clock. Tg44 15 a fixed time period and is simply the duration of one clock cycle. The time
period T4, is added to the interval T, to help improve the lineanty of the time interval
measurement and perhaps relax the propagation delay requirements of the signal
processing circuits. Note that the duration of Tj,. time interval can ideally vary from
16 ns to 32 ns depending upon the arrival of the event signal relative to the rising edge of

the system clock.




1.2.2 TDC Specifications and Design Requirements

For this sub-nanosecond time measurement application, the critical specifications

and requirements of the TDC are:

250 ps time resolution

Dead time < 80 ns

Integral and Differential Non-linearity < +2 LSB

CFD circuitry will provide asynchronous START command

16 ns (62.5 MHz) system clock and 80ns SYNC signal used for
synchronous STOP command

Multi-hit and multi-channel TDC 1mplementations are not required for
this application since there 1s only one timing channel per ASIC

Single 5 V supply compatibility in CMOS technology

Final design for either stand-alone or integrated function 1n larger chip
Cost equal to or less than $2.00 for discrete electronic circuit which

has a 2 ns time resolution

The principle methods of time interval measurements were reviewed by Porat [2].

Many solutions to achieve nanosecond and sub-nanosecond TDCs 1n standard CMOS

technologies have been recently reported [3-11]. So there are various TDC architectures

one mught consider using to satisfy these performance requirements. TDCs have

traditionally been divided into two types: the current integration TDC being a high-

resolution analog converter and the digital counter TDC being a low resolution converter.
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Recently, other alternative TDC architectures have emerged mainly of the delay-locked
loop (DLL) approach or some variation which have achieved resolutions somewhere 1n
between these two extremes.

The digital counter based TDC is relatively easy to design, but only very limited
resolution can be obtained with reasonable clock frequencies. For the counter based
approach, sub-nanosecond timing requures a clock frequency of over 1 GHz which would
consume a great deal of power and be very difficult to implement in standard CMOS
processes. With a fundamental system clock frequency of 62.5 MHz, the digital counter
based architecture gives a resolution of 16 ns with a +16 ns uncertainty and 1s therefore
clearly unacceptable for this application However, this counter based method can be
used to determine the T, timing information labeled in Figure 1-3.

DLL architectures rely on tuned delay elements to determine the resolution of the
TDC. Basic CMOS gates are inverting and therefore two gates (inverters) are normally
used as the fundamental delay element. As a result, most straight forward DLL
architectures are limited to a time resolution that 1s basically the combined delay of two
inverters 1n a given CMOS process For our application, the delay of two inverters must
be tuned to an overall delay of 250 ps. There is substantial technical risk and uncertainty
whether tuned digital delays of 250 ps can be controlled over extreme process and
temperature variations in 0.8 pm CMOS technology. Another major concern 1s the total
number of tuned delay elements required for sub-nanosecond timing resolution. For our
reference clock frequency of 62.5 MHz, 64 delay elements are required to achieve the

desired 250 ps resolution. The 64 element delay line can be relatively long and therefore



these elements have a non-negligible amount of non-linearity due to process gradients.
The linearity of the delay lines is limited by the matching of mimmum sized logic delay
elements. Therefore, to achieve good linearity performance, good matching between
relatively small unit delay elements must be achieved and also systematic layout errors
must be minimized. For these reasons, the fundamental DLL based TDC architecture was
not selected for this application

Many variations of the DLL based TDC architecture have been developed to
improve the time resolution beyond the basic delay of two inverters in a given CMOS
technology [4, 5, 8]. These architectures contain some form of a timing generator that
achieves sub-gate delays and can be implemented in standard digital CMOS processes
However, these architectures become more complex to design and are still susceptible to
the fundamental non-linearity problems associated with the delay lines.

Because of the issues associated with the digital counter based and the DLL based
TDC architectures, the analog current integration approach was chosen to achieve a high-
performance sub-nanosecond TDC. There are many ways to implement an analog current
integration based TDC. The classical analog current integration TDC that utilizes a time-
to-amplitude converter (TAC) followed by an analog-to-digital converter (ADC) was
selected for this application. This architecture 1s appropriate for this application since
high-resolution, good linearity, and fast conversion times are preferred while multi-hit
capability and multi-channel integration 1s not necessary. In fact, a discrete TDC design
that was based upon this approach, but with different specifications, was previously

developed and successfully incorporated 1n an earlier time-of-flight PET tomograph over




ten years ago [12].

A block diagram of the chosen TDC architecture 1s shown in Figure 1-4. The
major components of thus TDC architecture consist of event capture circuitry, a TAC, an
ADC, a coarse clock counter, digital control logic, and output register. The event capture
circuitry generates a pulse whose width is proportional to the time difference between the
event and the nsing edge of the 16 ns system clock. This pulse width 1s labeled Tjy,. in
Figure 1-3 and will 1deally vary in duration from 16 ns to 32 ns, depending upon the
arrival of the event signal relative to the system clock. The TAC receives this pulse as its
input signal and generates a corresponding output voltage that is directly proportional to
the pulse width. The TAC output voltage ideally vanies from 2475V to 3.75V,
depending upon the mput pulse width. The ADC then digitizes this voltage. Meanwhule,
the coarse clock counter starts counting the number of clock cycles that occurs before the
rising edge of clock and the 80 ns SYNC signal. The ADC output code 1s then combined
with the output of the coarse clock counter to generate a final timing code for that
particular event. This timing information 1s then stored 1n the digital output register that
can be accessed by the system at a later time. The control logic generates all the

necessary timing information and signals required to operate and interface to the TDC.

1.2.3 ADC Specifications and Design Requirements
A key component in the TDC architecture described above 1s the ADC To
achieve the desired 250 ps time resolution, the system clock period of 16 ns needs to be

resolved into 64 intervals or time bins. Therefore, a 6-bit ADC with 64 channels 1s
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required to achieve the desired time resolution. Also, to satisfy the TDC’s integral and
differential non-linearity specification of +%2 LSB, the ADC will need equal or better
performance. The TDC dead time specification of 80 ns will determine the required
conversion speed of the ADC. The dead time specification for a TDC 1s typically defined
as the time from when an event is detected until the TDC 1s ready to accept another event.
This time period must include the conversion times of the TAC and ADC plus any
additional time allocation for reset or re-initialization of circuitry. A timing diagram with
tume allocation on each functional block to achieve the 80 ns dead time requirement is
shown in Figure 1-5. This particular iming configuration places very stringent demands
on the speed performance of the ADC. The ADC will need to run at a 62.5 MHz
conversion rate to satisfy the dead time specification. In general, ADCs 1n this speed
category can be very complex and demanding to implement in CMOS technologies and
also consume a good amount of power. Therefore, a sample-and-hold circuit was
implemented at the system level to relax the performance requirements of the ADC.

The new proposed TDC timing diagram that includes the use of sample-and-hold
circuit 1s shown 1n Figure 1-6. Through the utilization of a sample-and-hold circuit, a
paralleled architecture 1s achieved which reduces the speed requirements of the ADC by a
factor-of-five. The ADC must now digitize an mnput voltage within the allotted time of
80 ns instead of 16 ns. One subtle 1ssue is that the input voltage presented by the sample-
and-hold circuitry to the ADC 1s only available for 64 ns. However, an extra 16 ns 1s
available to the ADC before the next conversion is required. Therefore, an ADC with a

conversion speed of 15.625 MHz with a one clock cycle latency of 16 ns 1s acceptable.
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The focus of this work 1s the development of an ADC for use in a low dead time
high-performance sub-nanosecond time-to-digital converter. The performance of the
ADC should meet the following specifications:

e 6-bits of resolution

e Differential non-linearity < %2 LSB

e Integral non-linearity < +'2 LSB

e Conversion rate of 15.625 MHz (64 ns) with a latency of one clock
cycle (16 ns)

e 62.5 MHz (16 ns) system clock used for timing and control logic

e Typical reference voltage of 1.275V resulting in a 20 mV/LSB
resolution

e Accommodation of a 2 V input range to the ADC with a typical input
range from the TAC of 2475V t0 3.75V 7

e Sigmficant offset error is tolerable since variations in the TAC output
voltage will be corrected by system calibration of the ADC reference
voltage

e Low metastability error rate performance 1s not required since the total
error rate of the time measurement system will be dominated by
system level issues

e Single 5 V supply compatibility in 0.8 jim CMOS technology

15



1.3 Thesis Organization

The selection of an appropriate ADC architecture for the time measurement
system application is found in Chapter 2. Also, a detailed description of the proposed two
step flash ADC architecture is presented.

The design and analysis of the major functional blocks of the ADC are given 1n
Chapter 3 with special emphasis placed on the development of an auto-zeroed CMOS
comparator. After a brief introduction to comparators, the motivation and requirement for
an offset corrected comparator is presented. The concept of charge injection 1s presented
and the fundamental limitations of offset correction techniques due to charge injection 1s
discussed. Next, the most common comparator offset cancellation techmiques are
explained. Extensive analysis of the selected comparator architecture 1s then presented. A
complete non-linearity analysis of the ADC 1s presented which relates reference
generation errors and comparator offsets to integral and differential linearity performance
of the converter. Digital error correction and encoder design requirements are then
shown. Finally, a brief description of the ADC control logic design 1s given.

Chapter 4 contains all key simulations and critical layout 1ssues of the ADC
design. Preamplifier and regenerative latch simulations are shown. Also, simulated
performance of an ADC comparator channel is presented. Next, the simulation technique
used to evaluate the complete ADC design 1s discussed. Integrated circuit layout plots of
critical sections of the ADC are illustrated throughout Chapter 4.

Experimental results achieved by two different ADC test methodologies are

presented 1n Chapter 5. The complex test circuitry required to fully characterize the ADC

16




1s discussed. A summary of the experimental measurements obtained on the ADC 1s
grven. Also, corrected CMOS comparator offset measurements are reported.

Chapter 6 contains a summary of the work and potential design 1mprovements are

suggested.
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Chapter 2

ADC Architecture Selection and Description

2.1 ADC Overview and Architecture Requirements

An ADC 1s a device that takes an analog input signal and generates a digital
output code. Most ADCs are required to interface analog signals to digital signal
processing systems. A wide variety of ADC architectures and applications have been
reported [13-23]. A Iiterature review of current ADCs reveals that most recent research
and 1mplementations can be classified into four types of architecture: pipeline, flash or
flash-type, successive approximation, and oversampled ADCs [24]. All of these ADC
architectures have been custormized and optimized for their particular application and
span the spectrum of speed and resolution.

For mixed-signal system applications, the latency and speed of the ADC are
important design parameters. The latency of an ADC 1s defined as the delay between the
sampling of the analog signal and the moment that the corresponding digital output code
is available. However, the latency specification of an ADC 1s generally referenced to the
end of a conversion and usually specified in an integer multiple of clock cycles. It 1s
mmportant to differentiate this specification from the conversion speed of the ADC. The
time required for the analog signal to be presented to the ADC for a successful
conversion is typically defined as the conversion speed or throughput of the converter.
For our application, an ADC conversion speed of 15.625 MHz 1s required. Therefore, the

analog input signal is only available to the converter for a total time period of 64 ns
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However, from the start of the conversion process, a total time period of 80ns is

available until the digital output code 1s required Therefore, the ADC requirements are a
conversion speed of 15.625 MHz with one 16 ns clock cycle latency while achieving 6-
bits of resolution.

Architectural choices directly influence the speed and latency of a converter. For
the ADC application described in Chapter 1, there is a requirement for a high-speed
(15.625 MHz) and low latency (16 ns) converter architecture because the 6-bit ADC
output code must be combined with output of the course clock counter at the end of the
80 ns SYNC period (Figures 1-3 and 1-4). There are a number of ADC architectures
suitable for sampling rates of 15.625 MHz. However, the system requirement for a low
latency converter eliminates most of the possible architectures from consideration. The
ever popular pipeline ADC and other architectures have an inherently larger latency than
a flash ADC architecture. Therefore, for high-speed and low latency ADC applications,
the implementation of a flash or flash-type ADC architecture 1s almost mandatory. As a
result, the investigation and implementation of an approprate flash or flash-type ADC

architecture for this application was performed.

2.2 Traditional Flash ADC Architecture

The fastest ADC architecture reported to date 1s the flash ADC [20]. Therefore, 1t
has become one of the standard approaches for realizing high-speed converters Figure 2-
1 shows a block diagram of a classical three-bit flash ADC. This architecture utilizes (2"-

1) comparators to achieve one comparator per quantization level and requires 2" resistors,
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Figure 2-1. Block diagram of a classical 3-bit flash ADC architecture.
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where N 1s the number of desired bits. The input signal, V,,, is connected to the positive
input of all the comparators that are in parallel The reference voltage, Vy.p, 1s divided into
2N, or eight, reference values as indicated in the figure. Each of these references 1s
applied to the negative input of a comparator. The input voltage is compared with each
individual reference value or quantization level. The outputs of the comparators are
passed nto a digital encoder which generates a digital output code based upon the
comparator outputs.

As an example, if V,, 1s equal to 0.4*V,,;, then the outputs of the comparators, X4-
X7, are a logical 0, and the bottom comparators outputs, XI-X3, are all a logical 1. The
digital encoder logic would calculate 011 as the bimnary output code. Thus, any
comparator connected to a resistor string node whose voltage 1s larger than V,, will have a
logical O output while those who have voltages smaller than V,, will have a logical 1
output. This output code arrangement is typically called a thermometer code since it
looks sinmular to the mercury bar 1n a thermometer. Table 2-1 shows the entire range of
analog 1nput voltages with the corresponding comparator outputs and the correct digitally
encoded output code.

Although the classical flash converters are the fastest, they require @8-
comparators, where N 1s the number of desired bits. Therefore, the layout area, power
dissipation, and input capacitance of the ADC are all directly proportional to the number
of comparators (2-1) for a given resolution. The required silicon area of an ADC 1s very
important since it directly affects the cost and yield of the design. Also, power efficient

CMOS integrated circuit design is always a goal and the power dissipation of ADCs 1s
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Table 2-1. Truth table for classical 3-bit flash ADC.

Analog Input Voitage Comparator Outputs Digital Code
Vin X7 X6 X5 X4 X3 X2 X1 | B2 Bi BO
Vin < Vref/8 0 0 0 0 0 0 0 0 0 0
Vref/8 < Vin < 2Vref/8 0 0 0 0 0 0 1 0 0 1
2Vretf/8 < Vin < 3Vref/8 0 0 0 0 0 1 1 0 1 0
3Vref/8 < Vin < 4Vref/8 0 0 0 0 1 1 1 0 1 1
4Vref/8 < Vin < 5Vref/8 0 0 0 1 1 1 1 1 0 0
5Vref/8 < Vin < 6Vref/8 0 0 1 1 1 1 1 1 0 1
6Vref/8 < Vin < 7Vref/8 0 1 1 1 1 1 1 1 1 0

7Vref/8 <Vin < Vref
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consistently a key specification. In some applications, the input capacitance of the ADC
can ultimately limut the speed of the converter and may require an mput buffer to drive
the capacitive load presented by the ADC. Therefore, the main disadvantages of this
architecture are that the layout area, power dissipation, and input capacitance nearly
double for each additional b1t of resolution needed. Consequently, most traditional flash
converters 1mplemented in CMOS technologies are typically limited to 6 to 8 bits of

resolution [17-19, 25].

2.3 Two-Step Flash ADC Architecture

The traditional flash ADC architecture can be modified, at the expense of
increased latency, to reduce the comparator count, and thus require less silicon area,
dissipate less power, and achueve a smaller input capacitance. These groups of converters
are commonly called a two-step flash ADC and are currently the most popular for
achieving high-speed and medium resolution conversion. These converter architectures
use a two-step conversion process and trade a factor-of-two in speed reduction for a large
area and power savings.

There have been many types of two-step flash ADC architectures reported 1n the
literature. Most two-step flash architectures require a DAC, amplifier, subtractor, digital
error correction, and other additional circuitry [24, 26]. As a result, the design complexity
of these converters drastically increases when compared to the traditional flash ADC
immplementation The main drawbacks of most two-step ADC converters have been the

requirement for a high-speed, high-gain operational amplifier and a digital-to-analog
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converter (DAC). However, one particular two-step flash ADC architecture reported by
Ahmed [27] does not require any of these additional complex circuits. The design
methodology of this two-step architecture can be expiained by careful examination of the
traditional flash ADC operation (Figure 2-1 and Table 2-1). In the classical flash ADC,
the comparator, which compares the analog input voltage with %2V, generates the most
significant bit (MSB) of the final output code. This aforementioned comparator 1s labeled
X4 1 Figure 2-1. Throughout this work, this comparator 1s referred to as the MSB
comparator since 1t 18 the comparator that generates the MSB decision of the ADC output
code. After analyzing Figure 2-1 and Table 2-1, it can be concluded that it 1s only
necessary to observe either the comparator outputs of X7, X2, and X3, or X5, X6, and X7
depending upon the decision of the MSB comparator. If the output of the MSB
comparator 1s a logical 0, then it is only necessary to look at the outputs of XI, X2, and
X3 to determine the final output code. Similarly, if the output of the MSB comparator 1s a
logical 1, then only the outputs of X5, X6, and X7 are required to calculate the output
code. Therefore, after the output of the MSB comparator 1s known, 1t 1s only necessary to
look at the results of half the comparators 1n a traditional flash architecture to determine
the output code. This information can be used to simplify the ADC design because the
output of the MSB comparator can be used as a control signal to reduce the required
number of comparators

A simplified block diagram of the proposed two-step flash ADC architecture for a
3-bit converter 1s shown 1n Figure 2-2 Just as in the traditional flash ADC, a resistive

ladder can be used to generate all the necessary reference voltages, but this ladder
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network 1s omutted from the figure for clarity. The operation of this proposed converter
architecture can be described as a two-phase conversion process. The output of the MSB
comparator 1s generated in the first step of the conversion. Next, the MSB decision 1s
used to select the appropriate references for the rest of the comparators (X1, X2, and X3)
and the second conversion is made. The comparators X/, X2, and X3 will be referred to as
other significant bits (OSB) comparators throughout the rest of this work To encode the
outputs of the comparators into a final binary output code, the basic truth table of Table
2-2 can be used. Note from the figure that the encoder design 1s also simplified because
of the reduced number of 1nputs.

This simple two-step flash ADC architecture only requires 2™ comparators for
an N bit conversion. Therefore, the comparator count 1s reduced by factor-of-two when
compared to the traditional flash ADC architecture. Another advantage of this
architecture is that 1t does not require additional complex circuitry like most other two-
step flash ADC architectures. For example, this architecture eliminates the need for a
DAC and high-speed amplifier which are typically required in other two-step ADC
architectures. Also, the required silicon area for the encoder design 1s reduced because of
the lower number of inputs to the encoder relaxes the design requirements. The main
disadvantage of this and all two-step flash ADC architectures 1s that the latency of the
converter 1s now 1ncreased since two sequential conversions are required.

In this work, the two-step flash ADC architecture presented was chosen and
customized to meet the requirements of the ADC for the high-performance sub-

nanosecond TDC application. This topology can be expanded to 6-bits to meet the
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Table 2-2. Truth table for 3-bit two-step flash ADC.

Analog Input Voltage Comparator Outputs Digital Code
Vin X0 X1 X2 X3 | B2 B1 BO
Vin < Vref/8 0 0 0 0 0 0 0
Vref/8 < Vin < 2Vref/8 0 0 0 1 0 0 1
2Vref/8 < Vin < 3Vref/8 0 0 1 1 0 1 0
3Vref/8 < Vin < 4Vref/8 0 1 1 1 0 1 1
4Vref/8 < Vin < 5Vref/8 1 0 0 0 1 0 0
5Vref/8 < Vin < 6Vref/8 1 0 0 1 1 0 1
6Vref/8 < Vin < 7Vref/8 1 0 1 1 1 1 0
7Vref/8 < Vin < Vref 1 1 1 1 1 1 1
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required resolution of the ADC. Since this two-step flash ADC architecture requires 2™

comparators, a 6-bit converter implementation will require thirty-two comparators which
will consist of one MSB comparator and thirty-one OSB comparators. Figure 2-3 shows a
preliminary timing diagram to meet the 15.625 MHz conversion rate with a latency of
one 16 ns clock cycle. The MSB comparator has 24 ns to compare the analog input
voltage with %2V, A total time period of 16 ns 1s allowed for the interpretation of the
MSB output and the selection of reference voltages for the OSB comparators. The OSB
comparators are allowed 24 ns of conversion time. These time periods consume the entire
allotted time of 64 ns that the analog input voltage will be available to the ADC As a
result, the encoding of the comparator outputs is performed during the allowed latency
period of one clock cycle.

A block diagram of the 6-bit 15.625 MHz CMOS two-step flash ADC
architecture is shown 1n Figure 2-4. The arch1/tectural requirements of the ADC can be
divided into four major sections of development: MSB and OSB comparator design,
reference generation and selection network, encoder design with digital error correction,
and control logic. The development and performance requirements of these sections will
be presented with special emphasis placed on the design and analysis of an auto-zeroed

CMOS comparator.
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Chapter 3

ADC Design and Analysis

3.1 Comparator Design and Analysis

3.1.1 Comparator Overview and Fundamentals

A comparator is a circuit that compares two analog signals and outputs a binary
signal based upon the companison. Thus, a comparator can be thought of as a decision
making circuit. Most comparators are considered nonlinear circuits since the inputs are
not linearly related to the outputs. A comparator is not purely analog or digital and 1s
considered a mixed-signal circuit since it interfaces analog signals to digital circuitry.

The schematic symbol and basic operation of a voltage comparator 1s shown 1n
Figure 3-1. If the positive mnput signal, V;,, of the comparator 1s at a greater potential than
the negative input, V.., then the output of the comparator is a logical 1 Conversely, if the
positive mput of the comparator 1S at a potential less than the negative input, then the
output of the comparator 1s a logical 0 Thus, a comparator 1s used to determine whether a
given signal 1s larger or smaller than another signal. Fundamentally, a comparator can be
thought of as a one bit ADC since 1t takes an analog signal and generates a digital output.

The basic function of the comparator is that of providing sufficient amplification
to generate digital output levels 1n response to small analog input differences Depending
upon the application, the amplification process of the comparator does not need to be
linear and not necessarily continuous in time. Also, 1n applications where latency can be

tolerated, the amplification process can be achieved by several cascaded amplifier stages.
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Figure 3-1. Circuit symbol and transfer function of an ideal voltage comparator.
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In most data conversion systems, the comparator decision time is not arbitrary and must
be made within a specified time nterval. Therefore, most data converter comparators
employ regeneration through positive feedback to make a decision 1n a timely manner. In
fact, Lim and Wooley have reported that 1n order to achieve a minimum power-delay
product, the amplification process in a comparator is best obtained by means of
regeneration [28]. The comparator development presented here will focus on the
application 1n a high-performance parallel ADC architecture and realizations that can be
readily implemented i1n CMOS technology.

The performance of ADCs 1s generally limited by the speed and precision with
which the function of comparison can be made. Therefore, the design and performance of
a comparator is a critical and often limiting component 1n the design of high-speed data
conversion systems. Converter architectures that incorporate a large number of
comparators 1n parallel, such as a flash ADC architecture, to obtain high throughput
impose very stringent conditions and constraints on the comparator performance. Key
specifications and design parameters of a comparator commonly include: propagation
delay, resolution, input offset voltage, power dissipation, area, input common-mode
range, and mput impedance. As typical 1n the design process, several tradeoffs between

these parameters must be made when designing a comparator for a particular application.

3.1.2 Motivation for an Auto-zeroed Comparator
A particular difficulty encountered in the design and performance of a CMOS

comparator 1s that of the input offset voltage. The comparator transfer function including
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the input offset voltage effects 1s shown 1n Figure 3-2. The output does not change until
the input difference of the comparator has reached a value of Vps. The mnput offset
voltage of a comparator 1s caused by two components: random offset and systematic
offset effects. Random offsets are caused by device mismatch, -such as transistor
threshold voltage mismatch due to process gradients. Systematic offsets are present even
when all devices are assumed ideal and no process variations exist These offsets can be a
result of charge injection, clock coupling, substrate noise, or could be inherent in the
design of the comparator. Both of these offset effects can be munimized through careful
circuit design, but typically can not be completely eliminated. For precision applications,
such as a h1g{1—resolut10n ADCs, the comparator’s offset voltage can severely limit the
performance and operation of the converter. If the input offset voltage of a comparator
could be predicted and well controlled, it could be managed much more easily through
siumple calibration techniques. However, most of the time the offset of the comparator
varies randomly from circuit to circuit for a given design. Due to the fact that the chosen
ADC architecture requires many comparators in parallel, the random distribution of the
comparators offset voltages can completely distort the linearity of the output data.

One of the most fundamental issues in the selection of a CMOS comparator
topology 1s the decision whether to employ offset cancellation techniques to the
comparator. This decision should be based upon the desired resolution of the converter
relative to the anticipated offset voltage of the comparator and the required linearity
performance of the converter. A well-informed, intelligent decision cannot be made

based solely upon the number of bits of a given converter. For example, due to the
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difference in requred resolution, an 8-bit converter may not require offset corrected
comparators in one particular application, while a 4-bit converter may require offset
correction techniques 1n another application.

The relationship between the non-linearity errors of a flash or flash-type
converter, the required resolution, and the comparator offset voltages can be developed.
Consider two consecutive comparators in a flash or flash-type architecture shown in
Figure 3-3. The output of comparator XI changes from 0 to 1 when V,, > V1 — Vps,. For
comparator X2, the output change occurs when V,, > V;» — Vpgr. The transition of one
comparator 1deally takes place when the mput voltage, V,,, reaches its reference voltage.
However, the actual transition occurs when V,, reaches V,— Vps. This deviation between
the ideal transition and the actual transition 1s called integral non-linearity (INL) The
INL error associated with one comparator is, its input offset voltage, Vs, plus any error
in the reference voltage, V,, and is usually expressed as a fraction of a least significant bit
(LSB).

The LSB of an ADC is defined as

Vref
LSB = -2—N-

, -1
where V. 1s the reference voltage, equal to the ADC nput voltage range, and N is the
number of bits of the converter [25]. Considering comparator offset voltages and

reference generation errors, the INL of a flash or flash-type ADC expressed as a fraction

of a LSB can be written as
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Figure 3-3. Two adjacent comparators in a flash or flash-type ADC architecture.
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1LSB Ve
F

INL = (3-2)

Assuming the reference voltage, V,, is ideal, the INL expressed as a fraction of a LSB

simplifies to the expression

Wos| _ [Vos|
INL = L LSB Vref . (3-3)
2N

The differential non-linearity (DNL) can be defined by considering the input
values for which two consecutive comparators, XI and X2, change their output state.

These values are V,; — Vos1 and V,; — Vps; and the deviation of their difference with
Vs
respect to their ideal value, —- o , 1s the DNL. The DNL expressed as fraction of a LSB

can be written as

DNL = ;
1LSB

[(Vrz - Vosz) - (Vrl 1) ref ] (3-4)

If the references, V,; and V,,, are assumed to be 1deal, then

Ve =Va)=7 "’f (3-5)

and the DNL expression can be simplified to -

DNL = VOSI OSZI | 0S§1 VOSZ (3-6)
1LSB Ve '
o

The denvation of Equations 3-3 and 3-6 illustrates the relationship between the
comparator offset voltages, the resolution of the ADC, and the non-linearity
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specifications of the ADC. Note that in general the DNL specification imposes a more
stringent requirement on the offset voltage of the comparator, Vps, than an INL
specification of equal value.

Another important specification of an ADC is that of no missing codes The
condition of no missing codes refers to the fact that every ADC output code 1s present
and represented. Figure 3-4 illustrates an ADC transfer function with a missing code.
From the figure, 1t 1s evident that to satisfy the condition of no mussing codes, the

condition

Vosi iVoszl <V,-V, 3-7)

must be satisfied. Again if the references, V,; and V), are assumed 1deal, then the

equation for the condition of no missing codes can be simplified to

Vref
IV051 iVosz < 2_ . (3'8)

N

Most of the time a mussing code 1s caused by excessively large differential non-linearnty
errors. If the DNL of an ADC is less than +1 LSB, then the condition of no missing codes
1s guaranteed. This application requires a DNL specification of +%2 LSB. Therefore, the
condition of no mussing codes is already represented by the DNL specification.

Based upon the linearity analysis presented, the calculation of the maximum
allowable comparator offset voltage to meet the desired INL and DNL specifications of
the converter can be performed by utilizing Equations 3-3 and 3-6. These foregoing
equations can be used to derive conclusions concerning the implementation and

architectural selection of a comparator in the design of ADCs employing parallel
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conversion stages
For this particular application, the nominal reference voltage, Vy.s, 18 1.275 V and
the number of desired bits, N, 1s 6. Therefore, the LSB of the ADC can be calculated as

1275V _
26

1LSB = 20mV , (3-9)

which results 1n a 20 mV/LSB resolution. To achieve the desired INL specification of /2
LSB (10 mV), the maximum allowable comparator offset can be calculated as
Vos|<10mV . (3-10)
Similarly, the maximum allowable offset voltage of two consecutive comparators to
achieve the required DNL specification of +%2 LSB (+10 mV) can be calculated as
Vs = Vosa| <10mV . (3-11)
If we assume that Vps; and Vps, are statistically independent random variables
with zero average and equal standard deviation 6(Vps1)= 6(Vos2)= 6(Vos), then
O (Vs =Vos2) =V20(Vps) (3-12)

and Equation 3-11 can be expressed as ‘
1
0(Vos1 —Vos2) = 1-/50'(‘703) < 3 LSB . (3-13)

Solving Equation 3-13 for the necessary standard deviation of the offset voltage to ensure

a DNL specification of +%2 LSB (%10 mV) yields

o(Vy)<TmV . (3-14)
For good yield performance over extreme process conditions, we should 1mpose a three
s1gm;1 value of

41

/\







where Avyro 1s a constant and Weff and Leff are the effective channel width and length of
the device, respectively. For submicron processes, reported values of Aho have been
around the value of 25 mV W [22]. Using this expression, one can calculate the required
transistor area to achieve the necessary threshold voltage matching for a low offset

comparator. Assuming that o(AV,)=o0(V,s) and the application requirement of

0 (V,5) < 2.33 mV , the required input transistor dimensions can be expressed as

Weff - Leff =|:%:| , (3-18)
os

and substitution of parameters yields

25mV -

2
=115u?. 3-19
233mV] H (3-19)

Weff - Leff = [

This optimustic calculation illustrates the requirement for very large input devices
of the comparator needed to achieve sufficient matching accuracy to guarantee an offset
voltage, 6(Vps), of less than 2.33 mV. Consequently, these devices will occupy a far
amount of silicon area and present a large input capacitance. Also, depending upon the
actual selection of transistors sizes for the input paur, these transistors could also consume
a large current for strong inversion operation. It 1s 1mportant to note that this calculation
also assumes 1deal reference voltage generation for the comparators. In reality, the
voltage references provided for the comparators will be non-ideal and therefore the
maximum allowable comparator offset voltage will be reduced. Also, unless sufficient
statistical data 1s available for the Ayrp parameter of a given process, 1t 1s questionable

whether low offset voltages can be achieved over extreme process conditions Although
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others have reported successful ADC implementations at the 6 to 8 bit level without the
use of auto-zeroed or offset corrected comparators, 1t was decided to employ offset
correction techniques instead of intensive transistor dimension optimization to achieve

acceptable comparator offset performance for this application [18, 22].

3.1.3 Limitations of Offset Cancellation Due to Charge Injection

CMOS technology provides the advantages of simple zero-offset, low leakage
analog switches, high-impedance charge storage nodes, and complementary devices This
analog sampling capability 1nherent in CMOS technology provides a means whereby
offsets can be periodically sensed, stored, and then subtracted from the input signal
These CMOS charactenistics allow for the extensive use of circuit techniques for
comparator offset cancellation. Comparator offset correction techmques are intended to
achieve improved resolution and speed, while maintaining low power dissipation, smail
area and 1nput capacitance, and low complexity.

Perhaps the major limutation on the offset cancellation process of a comparator 1s
due to charge 1njection. This error 1s a result of unwanted charges that are injected 1nto a
circuit when transistor switches turn off. In CMOS technology, switches are usually
implemented by either using a single NMOS or PMOS transistor or by a CMOS
transmussion gate that 1s composed of both a NMOS and PMOS device connected 1n
parallel. Examples of these possible switch configurations are shown 1n Figure 3-5. All of

these switches have their particular application which usually depends upon the desired

pass signal voltage levels.
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Unfortunately, the non-ideal effects typically associated with these CMOS

switches can be sigmificant and may ultimately limit the performance of some high
precision circuits. The charge injection errors associated with CMOS switches are caused

by two mechanisms known as channel charge injection and clock feedthrough

3.1.3.1 Channel Charge Injection Effects
The channel charge injection effect usually dominates the overall charge injection
error and can be understood with the help of Figure 3-6. When the control signal
Veontror 1s hugh or a logical 1, the NMOS device 1s 1n the ohmic region resulting 1n a
very small Vpg of the device. Under this condition, the switch or transistor is considered
to be on and charge 1s accumulated under the gate oxide of the device. The channel
charge of a transistor that has zero Vpg is given by
Och=W L C,y (Vg —V;) (3-20)
where W and L are the device dimensions, Coy is the gate oxide capacitance, and

(Vs —V;) 1s the gate overdrive of the device [24]. When the control signal 1s taken low

or a logical 0, the NMOS transistor turns off and this channel charge must flow out of the
channel 1egion through the source and drain junctions of the transistor As a result, a
portion of this charge 1s injected onto the hold capacitor, Cp, and the input signal, V,, If
the control signal waveform is fast, this-channel charge distributes equally between the
two connecting nodes [31, 32]. Therefore, half of the channel charge 1s injected on Cj, and
the other half to the input signal generator. Since V,, 1s typically a low impedance node,

the injected charge has little or no effect on this node. However, the Qch/2 charge
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injected onto the hold capacitor results in a corresponding voltage change that introduces
an error. Since in this example, a NMOS transistor 1s used as the switch, this injected
charge 1s negative and will cause a decrease 1n voltage across the hold capacitor. The

voltage change due to channel charge injection is given by the expression

QOch
" =W L-C,, (V. -V
AVeq = C? = ZOXC( as ~Vr) ) (3-21)
h h

and can be calculated for a given transistor switch size, hold capacitor, and input signal
voltage [24]. If CMOS logic levels are used for the transistor control signal, then

Equation 3-21 can be simplified to

—-W L-C,y [Vdd-V, -V,]

AVCCI = 2.C
h

(3-22)

The current form of Equation 3-22 can sometimes mask a subtle problem
associated with charge injection. At first glance 1t might appear as if the charge injection
1s linearly related to the input signal. However, the threshold voltage of the NMOS device
1s dependent upon the input signal voltage level due to the body effect of the device.
Modifying Equation 3-22 to include the transistor threshold voltage dependence upon the

input signal results 1n

av, oW LCor WiV W v 3V + 0 )

2-C,

Thus, the voltage change across C, caused by channel charge injection is
dependent upon the input signal in a nonlinear relationship. Since channel charge
injection 1s input signal dependent, complete cancellation of channel charge injection 1s

very difficult to achieve for varying ranges of input signal conditions.
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3.1.3.2 Clock Feedthrough Effects

The other component of charge injection 1s clock or capacitive feedthrough. This
effect can be explained through the use of Figure 3-7. Illustrated in the figure are the
gate-to-diffusion overlap capacitances associated with a MOS transistor. Clock
feedthrough occurs on each transition of the clock or control signal edge. When the gate
control signal switches, the clock signal feeds through the C,,; and C,.» overlap
capacitances onto the source and drain nodes. However, this effect 1s usually only of
concern when the control signal transition is in a direction to turn the switch off. This 1s
because when the transistor is turned on, the capacitor C, will charge to the correct final
value regardless of the injected charge from the clock signal. Thus, the result is that
capacitive feedthrough has no effect on the circuit when the switch 1s turned on.
However, when the transistor turns off, the capacitive divider that exists between the C,
capacitance and the hold capacitance will couple the clock signal from the gate to the
storage node and introduces an error which 1n some cases can be significant.

One can use capacitive voltage division to calculate the change 1n voltage across
the C; capacitor due to the clock feedthrough phenomenon [24]. Applying this to the

circuit of Figure 3-7 results 1n

AVCFI‘ = AV;n ’ Cov2 — (Vgnd _Vdd) Cav2 , (3_24)
C,,+C, C,,+C,

ov2 ov2

which 1s just capacitive voltage division between the gate-to-diffusion overlap
capacitance and the hold capacitor. This voltage excursion is typically less than the
channel charge injection component of charge injection because C,,, can be kept

relatively small when compared to the capacitor Cy. However, for high-precision signal
49
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processing circuits both components of charge injection must be considered and

minimized.

3.1.3.3 Techniques to Minimize Charge Injection in CMOS Circuits

To illustrate the significance of charge injection errors in CMOS circuits, an
example calculation will be performed. Assume in Figure 3-6 or Figure 3-7 the following
conditions: C,=0.5 pF, Cox=2.11 fF/um?, W; =2.5 um, L, =0.8 pm, Cpy; = C,,2=0.525 fF,
Vr=0.8V, Vdd=5V, and V,,=2.5 V. These are typical parameters 1 a 0.8 um CMOS
process. Based upon these conditions, the channel charge injection component can be

calculated using Equation 3-22 and is given by

—(2.5um)-(8um) (2.1 fF/um*)-[5V-2.5V-0.8V] _

AV, =
cd 2 500 fF

=7 1mV . (3-25)

The clock feedthrough error component of charge injection can be calculated using
Equation 3-24 and 1s given by

_ (-5V)(0.525 fF)
T~ 500 fF +0.525 fF

==52mV . (3-26)

Thus the total charge injection error due to the non-ideal effects of the NMOS switch can
be found by adding the results of Equations 3-25 and 3-26, which sums to
AVipror =AVeq T AV =(=7.1mV)+ (=52 mV)=-123mV . (3-27)
)
The result of Equation 3-27 shows a charge injection error that is about factor-of-five
larger than the allowed corrected comparator offset voltage. Obviously, additional
measures must be taken in order to mumimize the effects of charge injection errors in

offset correction circuits.
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Based upon Equations 3-22 and 3-24, both components of charge injection can be
reduced by the use of largest possible capacitors values, the use of minimum geometry
switches, and keeping control signal levels as small as possible. However, these obvious
solutions to minimize charge injection are sometimes very difficult to satisfy and still
meet high-performance design requirements. Therefore, certain design compromuses must
always be made. For example, linear capacitors on an integrated circuit require a large
amount of silicon area and these capacitors typically have large (10-15%) parasitic
capacitances associated with them. These parasitic capacitances can be significant and
can reduce the bandwidth performance of circuits. As a result, capacitors cannot just be
made arbitrarily large to reduce charge injection effects. In addition, the reduction in
control signal voltages to munimuze charge injection drastically reduces the dynamic
range of single device switches and thus the signal processing circuits. Also, minimum
size switches cannot always be used either. These small switches usually have a high
switch on resistance that can create non-negligible time constants on critical nodes 1n a
circuit. Therefore, other solutions to minimize charge injection errors must be utilized.
Since charge injection limuts the performance of offset cancellation techmiques in
comparators and other circuits, many methods have been reported to reduce its effects

One of the most common charge injection cancellation techniques 1s the use of a
compensation transistor or dummy switch. This circuit configuration 1s 1illustrated 1n
Figure 3-8. Note that two complementary control signals are now required for operation
of the switch. Although transistor M2 has its drain and source connected to the capacitor

node, a channel charge is still formed under the gate oxide when a voltage 1s applied to
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the gate of the device. The size of transistor M2 1s designed to provide charge
cancellation and 1s usually selected as half the size of transistor M. As discussed earlier,
when transistor M1 turns off, half of the channel charge is injected onto the hold
capacitor. However, with transistor M2 in the circuit, the charge injected by transistor M1
1s absorbed or matched by the charge induced by the transistor M2 and the overall
channel charge injection 1s cancelled. Also, this configuration provides partial clock
feedthrough cancellation because transistors M and M2 have complementary clock
control signals.

Another common method to counteract charge njection 1s the use of a CMOS
transmission gate as a switch. A CMOS switch contains a NMOS and PMOS transistor 1n
parallel and requires complementary control signals. The use of a CMOS switch offers
several advantages over the single device NMOS or PMOS switch. One important
advantage is that the dynamic range of the switch 1s greatly increased The 1dea of the
CMOS switch implemer;tatmn 1s that the complementary signals and devices will act to
cancel each other’s effects and the overall charge injection will be cancelled or at least
reduced. Because of this self-compensating feature, the use of a CMOS switch does
provide a reduction 1n charge injection errors when compared to a single device switch.
However, complete cancellation 1s seldom achieved since this requires precise control of
the complementary control signals and depends upon the input signal voltage levels
which determines whether the NMOS or PMOS transistor 1s dominant 1n the CMOS
switch.

The best approach for minimzing charge mnjection errors in circuit design 1s to
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employ fully differential design techniques. When differential design techniques are used,

charge 1mjection will only affect the common-mode voltage levels and the differential
mput signal is unaffected. Since charge injection appeaI's as a common-mode signal, it
will be reduced by the common-mode rejection ratio (CMRR) of the amplifier or
comparator. Therefore, the only error now present are those due to mismatches 1n charge
injection which are typically a factor-of-ten smaller than the single ended case [26]. As a
result, almost all modern high-performance CMOS comparators utilize fully differential
architectures. Accordingly, fully differential design techniques will be employed 1n the
comparator development and offset correction process to munimize charge injection

€ITOIS.

3.1.4 Comparator Offset Cancellation Techniques

A literature review of the conventional approaches to comparator offset correction
reveals that most implementations can be classified into three archutectures input offset
storage (IOS), output offset storage (OOS), and multistage offset storage (MSOS) [33].
All of these topologies comprise of at least one or multiple elements of a preamplifier,
offset storage capacitors, and a latch. Each of these methods to achieve offset correction

in a fully differential comparator archutecture will be discussed and their fundamental

tradeoffs and limitations will be presented.

3.1.4.1 Input Offset Storage

An illustration of the IOS architecture applied to a fully dufferential comparator 1s
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shown in Figure 3-9. Offset cancellation is performed by closing a unity gain loop around

the preamplifier X7 and storing the offsets on the input coupling capacitors CI and C2. In
auto-zero mode, switches S/ and S2 are open while switches S3-S6 are closed. Therefore,
the preamplifier must be unity gain stable and may require common-mode feedback
(CMFB) to stabilize bias levels. In comparison mode, switches S/ and S2 are closed and
switches S3-S6 are open. The offset voltage that 1s differentially stored on capacitors CI
and C2 is combmed with the input signal and thus the offset of the comparator is
cancelled. The input signal is amplified by the preamplifier and then converted to CMOS
logic levels by the latch. During offset cancellation, the mnput capacitance of the IOS
circuit 1s equal to the offset storage capacitors while in comparison mode it 1s
approxiumately equal to the sum of the mput capacitance of the preamplifier and the
parasitic capacitance of the storage capacitor. This parasitic capacitance can be as large as
10-15% of the offset storage capacitor, and therefore 1s non-negligible when considering
the capacitance presented by the preamplifier.

With the IOS architecture, the residual input-referred comparator offset voltage

after calibration 1s given by

v,
s = =25 +AQ+VOSL
1+4, C A

, (3-28)
where Vs is the offset voltage of the preamplifier X1, A; 1s the gain of the preamplifier
X1, AQ1s the mismatch in charge injection onto capacitors CI and C2 when switches S5
and S6 are opened, C 1s the value of the offset storage capacitors, and Vpg 1s the offset

voltage of the latch. The first term in Equation 3-28 1s a result of the limited offset

correction available due to the finite gain of the preamplifier. Thus 1s analogous with the
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fractional error concept associated with operational amplifier theory. Since this
archutecture employs a fully differential topology, the circuit 1s only sensitive to the
mismatch 1n charge injection on the storage capacitors and this effect 1s represented by
the second term in Equation 3-28. The second term of Equation 3-28 could also represent
any additional errors such as an imbalance 1n capacitive division or charge injection due
to the musmatch 1n capacitors values of CI and C2. The last term 1n the equation 1s just
simply the offset voltage of the latch referred to the input of the preamplifier. Equation 3-
28 illustrates that quite large values for A; and C are needed to guarantee a low corrected

offset voltage.

3.1.4.2 Output Offset Storage

Another common offset cancellation techmique 1s OOS. The OOS architecture
applied to a fully differential comparator is shown in Figure 3-10. With OOS, offset
cancellation 1s achieved by connecting the preamplifier inputs and storing the amplified
offset voltage onto the output coupling capacitors CI and C2. In auto-zero mode,
switches S/ and S2 are open while switches $3-S6 are closed. Since OOS 1s an open-loop
operation, tight control of the preamplifier gain 1s required due to finite dynamic range
1ssues in the output stage of the preamplifier. Therefore, the preamplifier of the OOS
topology must be designed for a low gain to avoid output saturation and 1s typically
implemented with a gain of less than 10 to ensure operation 1n the active region over
extreme process variations In the comparison mode, switches S/ and S2 are closed and

switches $3-56 are open. The dc coupling at the input of an OOS comparator limuts the

58



oA

7

95

AN

..-Caﬂ.-wQECO [enua.I Ay e o P q
: I3
P AN} ) Q_—QQQ Ou—n-m:-.—uﬁu uonerqied QM&.-Cum J9s)jo u-—Q n ng
. mQ “gr-¢ 2oy

X

GS

/.




common-mode input range (CMIR), but 1n most cases this limutation is manageable. The
mnput capacitance of the OOS configuration can be very small and 1s essentially equal to
the input capacitance of the preamplifier.

With the 0OS architecture, the residual mput-referred comparator offset voltage

e

after calibration 1s given by

Vos ~22 Jon , (3-29)

TAC A

where A; 1s the gain of the preamplifier X1, AQ1s the mismatch in charge injection onto
capacitors CI and C2 when switches S5 and S6 are opened, C 1s the value of the offset
storage capacitors, and Vg, 1 the offset voltage of the latch. Note that with the OOS
circuit configuration, complete cancellation of the preamplifier’s offset voltage 1s
achieved. The differential mismatch 1n charge injection onto the storage capacitors 1s
represented by the second term in Equation 3-29. The second term of Equation 3-29
could also represent any additional errors such as an 1mbalance 1n capacitive division or
charge 1injection due to the mismatch in capacitors values of CI and C2. Note that the
sensitivity to mismatches 1n charge injection and capacitive division 1s greatly reduced
since there effects are decreased by the gain of the preamplifier when referred to the
input. The last term in Equation 3-29 1s the offset voltage of the latch referred to the input
of the preamplifier.

Equations 3-28 and 3-29 illustrate that for similar preamplifiers, the residual
comparator offset obtainable with OOS can be smaller than that achievable with IOS
Also, the OOS topology does not require a unity gain stable preamplifier to perform the

offset correction process. Since the value of input coupling capacitors in a IOS
60



configuration is dictated by charge injection 1ssues and attenuation considerations, the
mput capacitance of this topology 1s usually higher than a OOS circuit configuration.
Therefore, the OOS architecture is generally preferable in flash stages where many

comparators are connected 1n parallel.

3.1.4.3 Multi-Stage Offset SForage

In conventional CMOS comparator designs, the preamplifier 1s typically followed
by a standard CMOS latch. The offset voltage of the latch 1s a potential offset error term
for both IOS and OOS comparator architectures. As shown earlier in both of these
architectures, the residual comparator offset voltage after calibration 1s very much
dependent upon the offset voltage of the latch stage referred to the input of the
comparator. A CMOS latch can have a potentially large offset voltage 1n the several tens
of millivolts (60 mV) and therefore has a non-negligible amount of comparator offset
contribution unless a ligh-gain preamplifier 1s used [33]. However, neither the IOS or
OOS topology will permut the use of a high-gain preamplifier. A high-gain preamplifier
cannot be used 1n a single stage of OOS because of dynamic range 1ssues 1n the output
stage while a single stage of IOS would suffer from degradation in bandwidth
performance because of the necessary closed loop compensation required for a high-gain
preamplifier. These disadvantages and limitations of the IOS and OOS topologies have
led to the development and use of multi-stage offset storage techmiques for high-
resolution applications

Most typical MSOS comparator topologies just utilize multiple stages of IOS and
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OOS that are clocked sequentially to achieve low offset performance. The number of
stages is usually selt:':cted to provide the smallest propagation delay of the comparator. An
illustration of a three stage MSOS architecture applied to a fully differential circuit is
shown in Figure 3-11. In this topology, a large latch offset is tolerated through the use of
multiple preamplifier stages each with offset cancellation. Preamplifier X/ utilizes an
OOS offset cancellation topology while preamplifiers X2 and X3 employ the IOS
calibration technique. For dynamic range issues, additional preamplifier stages beyond
X3 would be configured 1n IOS architectures. Also, these stages would be clocked
sequentially following the first two preamplifiers. Figure 3-12 shows a timing diagram
for the three stage MSOS architecture. When 1n auto-zero mode, switches SI and S2 are
open and switches $3-S8 are closed. In compare mode, switches S5 and S6 are first
opened and their corresponding charge injection 1s stored on capacitors CI and C2. Thus
error voltage 1s then amplified by X2 and stored on capacitors C3 and C4 before switches
S7 and S8 are opened. Thus, the charge injection of the second stage 1s completely
-eliminated. Next, switches $3, §4, §7, and S8 are all opened and then switches S/ and S2
are closed to mitiate the actual comparison process.

With the three stage MSOS architecture presented, the residual input-referred

comparator offset voltage after calibration 1s given by

Vos = AQ + VOSZ + VOSS + VOSL , (3_30)
AAC A(+4,) AAQ+A) AAA,

where A, Aj, A; and Vpso, Vosz are the gains and offsets of the preamplifiers,

respectively, AQus the mismatch 1n charge injection onto capacitors C3 and C4 when

switches 57 and S8 are opened, C is the value of the offset storage capacitors, and Vps;, 15
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the offset voltage of the latch. Equation 3-30 predicts that the MSOS architecture can

achieve a very low corrected comparator offset voltage. However, the main disadvantage
of the MSOS topology when compared to the JOS and OOS implementations 1s the
additional circuitry, area, power dissipation, and complexity required to implement the

design.

3.1.5 Comparator Architecture Selection and Channel Implementation
3.1.5.1 Comparator Offset Correction Topology

After reviewing the tradeoffs and limitations of these common offset correction
architectures, it is evident that in most of these topologies, the resolution performance of
the CMOS comparator is limited by the large offset of the latch. For this application,
there 1s substantial nisk and uncertainty whether the corrected offset voltage of the
comparator can be maintained less than 2.33 mV 1 a IOS or OOS offset correction
architectures due to the potentially large offset of the latch. Also, a MSOS architecture
implementation with three stages or more is undesirable in parallel flash ADC
applications because of the large area, power dissipation, and complexity required to
realize the design. However, a two stage MSOS architecture may be practical and
appropriate in some high-resolution ADC applications. /

Instead of utilizing multiplé preamplifier stages, each with offset correction to
accommodate a large latch offset, offset correction techniques were applied to the latch
circuitry to relax the gain and performance requirements of the preamplifier. In essence,

this selected topoloéy is an OOS offset correction architecture with offset cancellation
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techniques applied to the latch circuitry.

Unfortunately, most traditional CMOS latch circuits do not easily facilitate the
use of offset correction techniques due to their non-linear behavior. In most ADCs,
clocked comparators employing regeneration are commonly used to sample the mnput in
one phase of the clock cycle and make a decision in the next part of the clock cycle.
Consequently, offset correction techniques are very difficult to integrate 1n most of these
popular two state comparators. After reviewing extensive literature of different circuit
topologies for the preamplifier and latch, a slightly modified two-stage MSOS
comparator architecture was chosen. This circuit configuration which 1s shown 1n Figure
3-13 1s a variation of the MSOS architecture where the second stage preamplifier and
latch are combined in the same circuitry. Essentially, the second stage 1s a latched
comparator with IOS offset cancellation calibration. The fully differential comparator
offset correction topology shown in Figure 3-13 1s unique and not believed to have been
previously reported 1n the literature

Preamplifier X/ utilizes OOS offset cancellation while the second stage which
consists of a combined preamplifier and latch employ the IOS calibration technique
When 1n auto-zero mode, switches SI and S2 are open and switches S3-S6 are closed.
The offset voltage of preamplifier X/ is stored on the output capacitors CI and C2
Simultaneously, the combined offset of the preamplifier and latch are also stored on
capacitors CI and C2. In comparison mode, switches $3-S6 are opened and S and S2 are
closed to sample the mnput signal and mutiate the comparison process

With this selected offset cancellation architecture, the residual input-referred
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comparator offset voltage after calibration is given by

Vos = A0 | Vos , (3-31)
AC AU+A4,)

where A; and A, are the gains of the preamplifiers X1 and X2, respectively, AQ1s the

mismatch in charge injection onto capacitors C/ and C2 when switches S5 and S6 are
opened, C 1s the value of the offset storage capacitors, and Vps; 1s the combined total
offset of the preamplifier X2 and the latch.

The musmatch in charge injection onto the offset storage capacitors 1s represented
by the first term in Equation 3-31. The first term of Equation 3-31 could also represent
any additional errors such as an imbalance 1n capacitive division or charge injection due
to the mismatch in capacitors C1 and C2. Note that the sensitivity to mismatches 1n
charge injection and capacitive division is greatly reduced since there eﬁect§ are
decreased by the gain of the preamplifier X/ whe}l referred to the input. The second term
1n Equation 3-31 is a result of the limited offset correction available due to the finite gain
of the second stage X2, simply referred to the input of preamplifier X1.

This offset correction topology achieves superior residual input-referred offset
performance when compared to the IOS and OOS offset cancellation architectures with
the same amount of circuitry, power dissipation, and complexity. These advantages make
this comparator architecture suitable for integration in high-performance parallel flash

ADCs.

3.1.5.2 Preamplifier Design and Analysis

A schematic of the preamplifier used 1n this CMOS comparator offset correction
68



architecture is shown in Figure 3-14. The preamplifier design employs diode-connected
transistors to keep all nodes at relatively low impedance levels while providing a limuted
but reasonable amount of gain with very high bandwidth. Note that this circuit can easily
achieve zero systematic offset error performance if complete symmetry 1s preserved in
the design of the circuit. Also, this circuit topology utilizes limited positive feedback
from the cross gate connection of transistors M9 and M1I to increase the gain of the
preamplifier. The positive feedback loop gain provided by M9 and M11 is designed to be
less than unity, and therefore the circuit 1s stable. The applied positive feedback increases
the 1mpedance levels at the differential outputs and thus increases the gain of the
preamplifier. The selection of the transistor sizes for M8 and MIO relative to the
transistors si1zes of M9 and M11 1s central 1n this design since this provides a gain stage
and determines the amount of positive feedback present in the circuat.

The differential gain of the preamplifier can be derived by using small signal
analysis assuming the sizes of all transistors are selected to achieve complete circuit
symmetry which establishes zero systematic offset performance. Therefore, this

symmetry condition of the circuit requires the relative sizes of the transistors to be:

(kL) ()2 ) (2L~ = (2L ()

The overall differential gain of the preamplifier can be written as

Vi —Vs = Vo —Vio Vs Vs (3-32)
V.-V, V.-V, Vo=V

The complete gain analysis of the preamplifier can be divided into calculating the two

gain stages 1n Equation 3-32.
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The first term in Equation 3-32 is the differential gain from the input transistors
M1 and M2 to the gates of diode connected transistors M4 and M5. By neglecting the
body effect of the differential input transistor paur, the gain calculation of the first stage 1s

simplified and can be approximated as

, (3-33)

where gm; and gm, are the transconductance of transistors M1 and M4, respectively.

The second term in Equation 3-32 represents the differential gain from the gates
of transistors M6 and M7 to the gates of the output transistors M8 and MI0. The
calculation of this gain 1s complicated by the differential positive feedback provided by
transistors M9 and M11. This gain can be derived with the help of Figure 3-15 which
shows the small signal equivalent circuit of the output gain stage that 1s composed of
transistors M6 through M11. Applying nodal analysis to the output nodes and writing
current summation equations results in two equations

Vogm =~[gmeVi, + gmy Vs ] (3-34)
and

Vsgm,, = —[gm7V9 + gm9V6] . (3-35)
Rearranging Equations 3-34 and 3-35 in matnix solution, applying Cramer’s rule, and

solving for the output nodes Vs and Vg 1n terms of Vjo and Vg yields
_Vlo[gm6i|+vg|:gm7gmn ]
m m,, gm.
v, = gng My, 8My | , (3-36)
1— |: &m,y §my, ]
8o Mg
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and

_Vg[ gm, }rvw[gmggms ]
V. = &My &m, o gmy
5 - .
1_|:gm9gm”:|
&My 8Mig

Taking Equations 3-36 and 3-37 and solving for the dufferential output expression

(3-37)

yields

&M EMmy8ims || &m, gm, gm,
Vio + V, +
(V _v )= gmyg Mo gy gm, §Myo gy (3-38)
T 1_|:gm9gm”] .
8§ny, gmig

If complete symmetry 1s preserved in the circwit design, then gmg=gm;o, gmo=gm,, and

gms=gmy. Thus, Equation 3-38 can be re-written as

(o) 22|
Vs -v)= L\ & A &% (3-39)

gm92 ,
1-] 80
gm82

and then factored and simplified to

_1(V9 "Vlo{g:: ]
oV, -V)= i (3-40)

[ &ms
gmg

Finally, solving for the differential gain gives the result

(Vs —Vs) __ —8ms )
(V9 —Vlo) gmg — g,

(3-41)

After substituting Equations 3-33 and 3-41 into Equation 3-32, the overall differential
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gain of the preamplifier can be expressed as

(VS —V6) — ( gml I gm6 ] . (3_42)

(V4 —Va) B gmé4 | gmy — gm,

This is a very interesting result in that the small signal differential gain of the
preamplifier is very much dependent upon the subtraction of two NMOS transistor
transconductances. Further investigation of Equation 3-42 can be performed. Suppose

R} that all transistors 1n the preamplifier are operating i1n strong inversion. The

transconductance of a MOS transistor operating in strong inversion 1s given by [25] and

18

W
gm= JZID/JOCOX (—Ij] . (3-43)

Substituting this expression for the transconductance of a transistor into Equation

3-42, results 1n

w w
(Vs 'Vs) . leblﬂucox (fl JzIDGuPCOX (—L—)
D9

6
W, -v) |4 4 14
) ’ 2ID4I'l'pC0X (I) 2IDs.uuCox [fl =21 po ki, Cox (TJ
4 9

Note that transistors M4 and M6 of Figure 3-14 comprise a simple transistor

. (3-44)

current murror circuit configuration and therefore the drain currents of the transistors are

related by the relationship

57, . (3-45)




Also, from Figure 3-14, the drain current of transistor M6 splits between transistors M8
and M11. Therefore, the sum of the drain currents in transistors M8 and M11 equals the
total drain current in M6, or simply

Ing =Ipg+1p, - (3-46)
The current split of Ipg 1s based upon the relative transistor sizes of M8 and M11, which

can be calculated as

w
[f] ID6
Ins =707y (3-47)
—_— + —_—
7))
and
w
(f] Ios
L (3-48)

"D
L 11 L 8

Substituting Equations 3-46, 3-47, and 3-48 into Equation 3-44 and factoring out

common terms 1n the numerator and denominator results 1n the expression

p

Il B
V=ve) | ML Lk : (3-49)

NEAEL ELAE)

Thus, for strong inversion operation, the differential gain of the preamplifier 1s
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independent of the bias current in the devices and depends only upon the relative size
ratios of the transistors. This feature 1s advantageous since vanations 1n the bias currents
of the circut due to transistor mismatch or other process varations will have little effect
on the gain performance of the circuit. Another importantlissue in the design of the
preamplifier is that the transconductances of tramsistors M8 and MI0 relative to the
transconductances of transistors M9 and M1 must be separated by enough margin so that
small msmatches between these transistors do not result in large gain vanations.
Therefore, good matching between these devices 1s desired for tight open loop gain
control. This requirement is addressed by selection of transistor device sizes and layout
techniques to improve matching of these transistors.

The frequency response of the preamplifier consists of two poles 1n the signal
path and can be expressed as

Amid

Af)= ,
A
1+i-L (147 L

(” fII” f2)

(3-50)

where Amud 1s the low frequency gain of the preamplifier given by Equation 3-42. The
terms f; and f> in Equation 3-50 are the representative frequencies of the two poles (nodes
5 and 9) that are present in the signal path of the circuit. The term fi can be found by the
expression

1

fi =71y
2 5
gmy

where gmy is transconductance of transistor M4 and C9 is the total capacitance on node 9

(3-51)

of the crrcuit. Similarly, the term f; is given by
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= L (3-52)

fz_ 1 H
om| ————— |C,
§mg — g

where gmg and gmy are the transconductance of transistors M8 and M9, respecitvely, and

C5 is the total capacitance on the output node of the circuit. From the equations presented
| above, an intuitive feel and fundamental understanding can be developed to determune
what design parameters influence the gain and bandwidth performance of the circuut.
| Neglecting the preamplifier’s load capacitance, the transistor device sizes and the
parasitic capacitances present in the integrated circuit layout will dictate the total
capacitance on nodes 9 and 5 and thus ultimately determe the overall bandwidth of the
circuit. As previously mentioned and given in Equation 3-49, the relative transistor
device sizes will also determine the gain of the preamplifier because the gain, to first
order, is independent of bias currents 1n the transistors for strong imversion operation. To
achieve optimal performance, small geometry devices with small capacitances and good
tight layout interconnect techmiques should be implemented in the design and layout of

the preamplifier.
The dc coupling at the iput of the preamplifier 1n this offset correction
architecture limits the CMIR of the comparator. For this ADC application, a CMIR of 2-
volts is deswred. Thus, it is necessary to find the maximum positive and negative
common-mode input ranges of the preamplifier. The maximum positive CMIR 1s given

by

Vin_,, =Vdd —Vgs,,, —Vds,,, +Vgs, , (3-53)

and can be sumplified to |
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2I,,

w
K,Cox [f l

From Equation 3-53, it can be seen that the body effect on the differential input paur,

=V, +Vt,, .

which 1ncreases the threshold voltages of M1 and M2, actually helps improve the positive

CMIR. The maximum negative CMIR of the preamplifier 1s given by

Vin ., =Vgsy, —AVy; , (3-55)
and can be simplified to
21 21
Vin_, =Vt,, + "‘W + | "3W . (3-56)
ncal] fica(Z)
V ox L oxX L ,

Equation 3-56 shows that the body effect on the differential input pair actually degrades
the negative CMIR of the preamplifier.

Equations 3-54 and 3-56 indicate that for given transistor device sizes an increase
1n bias current of the differential input stage results in the reduction of the preamplifier’s
CMIR. Also, note that the overall value of the CMIR for the preamplifier 1s independent

of the transistor threshold voltage of the differential input pair.

3.1.5.3 Regenerative Latch Design and Analysis

The regenerative latch selected and designed for this application is shown in
Figure 3-16. The latch design is a derivative of the design reported by Song [23]. The
circuit 1s an amplifier and latch integrated into the same functional block. The diode

connected loads of the input stage with current mirrors provide a limited amount of gain
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while 1solating the kickback effect; of the latch from the mnput stage. Kickback denotes
any charge transfer or disturbance on the input nodes when the circuit transitions to latch
mode. If the V4., control signal is a logical O or low (Vigens 1s a logical 1 or high), the
circuit 1s 1n compare mode and performs as an amplifier. The operation of the circuit in
this condition is essentially identical to the preamplifier previously discussed in the last
section. Once the Vi, control signal goes high or 1s a logical 1 (Vigens 15 a logic O or
low), the diode connected transistors M8 and M10 are effectively disconnected from the
circuit, and the amplifier becomes a positive feedback regenerative latch because of the
cross coupled gate connection of transistors M9 and MII. The amplified differential
voltage at the output just before the Vi, signal goes high determines the decision of the
latch. Since in latch mode transistor M15 effectively shorts node 15 to ground, full
CMOS logic levels are obtained from the output of the circuit.

For the selected comparator offset correction architecture, the regenerative latch
circuit will employ the IOS calibration technique. Therefore, the latch circuit must be
unity gain stable and the common-mode output voltage levels must be well controlled
The common-mode output levels must be controlled because they must lie within the
CMIR of the differential input stage of the latch circuit when placed into a unity gain
configuration. Common-mode voltage levels in differential circuits are usually achieved
with CMFB. A key element 1n this design was the elimination of the requirement for
CMFB. CMFB 1s usually required with fully differential circuits and has several
drawbacks, which usually include a reduction in speed, and an increase 1n power

/

consumption and complexity. Transistor M14 is added in series with the output stage to
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level shift the common-mode output voltage level to accommodate the CMIR

requirements of the latch circuit when placed in a unity gain configuration during I0S
auto-zero mode. Transistor M12 1s only used to match the on resistance of M13 when 1n
compare mode. Since the output is diode clamped and level shifted to accommodate the
CMIR requirements of the input stage, the latch circuit will achieve stable dc bias levels
when placed 1n a unity gain feedback configuration and thus no CMFB 1s required.

Since the operation of the latch circuit 1n compare mode 1s essentially identical to
the preamplifier with the output level shifted, the analysis of the circuit 1s this condition
will not be repeated. Instead, emphasis will be placed on the analysis of the circuit when
in a regenerative latch configuration. The decision time required for the regenerative
latch to discriminate very small input signal differences is a fundamental 1ssue 1n the
design of the circuit since it will impact the overall performance of the comparator

The decision time of the latch to achieve CMOS logic levels 1s related to the latch
time constant when placed in a positive feedback state. The latch time constant 1s found
by analyzing the regenerative part of the circuit consisting of two transistors that form the
posttive feedback loop. A simplified schematic of the regenerative portion of the latch
circunt 18 shown 1n Figure 3-17. The output voltages (nodes 5 and 6) are assumed close
" together at the beginning of the latch mode so that both transistors are in the linear
amplification range of operation and are driving some 1mpedance as a load. In addition,
the on resistance of transistor M2 and the common-mode voltage level shift provided by
M14 are neglected 1n this latch mode analysis.

Wnting current summation equations for the two output nodes of Figure 3-17
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(3-58)

where gm 1s the transconductance of transistors M5 and M6, and R; and C;, are the loads

of each device. Assuming that gm=gms=gms, and that both transistors have identical

loads. These two equations can be simplified to

dv,
R,C,—E+V, =~gmR,V; ,

and

R.C, ‘%ws =—gmR,V, .

Subtracting Equations 3-59 and 3-60 from each other resuits 1n

v, _av,

R,C
L L(dt dt

By defining AV =V, —V,, Equation 3-61 can be reduced to

R,C, (ds—tvj+ AV = gmR,AV |

and rearranging results 1n the expression

AV,

R,.C, \dAV _
ngL—l) dt

]"‘ (Vs _V6)= ngL(VS —Vs) :

(3-59)

(3-60)

(3-61)

(3-62)

(3-63)

which is a first order ordinary differential equation. Equation 3-63 can be solved by
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several techniques and the solution gives

t
AV = AVoe{”‘"‘") . (3-64)
Thus, the differential output voltage of the latch increases exponentially in time with a

latch time constant given by

_ R, ~£’_L_
latch ngL _1 gm *

(3-65)
Note that 1f the gain of each transistor is large when compared to unity, then the latch
time constant 1s approximately equal to the inverse of the umty gain frequency of each
transistor.

This circuit configuration and analysis assumes that the load capacitance C; 1s
directly proportional to the size of the output transistors, which will determine the amount
of capacitance on the output nodes. If the gate oxide capacitance of the output transistors
is assumed to dominate the total overall load capacitance, then the load capacitance can
be approximated by

C,=K, W L-C, , (3-66)
where K 1s a proportionality constant which 1s determined by specific bias conditions
and parameters of the circuat. Substituting the expression for C;, and the transconductance

of a NMOS transistor operating in strong inversion into Equation 3-65 results 1n

- . 2
K, V:]V LCy _ KL 3567)
1.Cox [I }Vgs ~Vt)

latch = - (VgS—Vt) .
Equation 3-67 states that the latch time constant depends upon the technology and the

transistor si1zes and bias conditions. Also, a good latch design 1s one . which munimazes the
84



Cy load capacitance and maximizes the gate overdrive (Vgs—Vt) of transistors M9 and

Mil.

Timing considerations often necessitate estimating the minimum differential input
voltage of the latch required to obtain successful CMOS logic levels within a given time
period. This can be achieved by solving for the time variable 1n Equation 3-64 and 1s

given by

t=7, -In AVlogic _ C In AVlogic ’ (3-68)
AV, gm AV,

where 7,,, is the time constant of the latch, AV, is the intial differential mput voltage

of the latch, and AV,

oz 15 the differential output voltage of the latch required to achieve
valid CMOS logic levels. Equation 3-68 can be used to determine the time difference to
achieve successful logic levels for two imtial differential mnput voltages applied to the

latch and this results in

At=t,—t, = C In AVlogic —In AVlogic ’ (3-69)
gm AV, AV,
and simplifies to
AV,
At=7,, -In|—%|. 3-70
latch I:AV1 jl ( )

Equations 3-64 and 3-68 1mply that the response of the regenerative latch for
various levels of differential input overdrive will be the same shape or waveform, but just
delayed 1 time which can be calculated by using Equation 3-70. Figure 3-18 shows the

response of the regenerative latch circuit for various levels of differential input overdrive.
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As can be seen from the figure, the responses of the latch for different input conditions

have the same shape or waveform, but they are just delayed 1n time.

3.1.5.4 MSB and OSB Comparator Channel Integration

Detailed schematics of the MSB and OSB comparator channels are shown 1n
Figures 3-19 and 3-20, respectively. The two comparator channels are essentially
identical except for the X/J analog multiplexer that 1s present in the OSB comparator
design. The analog multiplexer of the OSB channel 1s basically two CMOS transmission
gate structures that are connected in parallel and 1s used to select the appropriate
reference level of the OSB comparator. This reference selection function is integrated in
the OSB comparator channel instead of the reference generation network due to
replication 1ssues in the integrated circuit layout.

The subcircuit X/ consists of the differential preamplifier and X8 represents the
regenerative latch circuit All analog switches (X2-X7) in the comparator channel are
implemented with CMOS transmussion gates to mummize charge injection and to
accommodate a large dynamic range. The NOR gate represented by X9 1s needed because
the output of the latch is an undefined CMOS logic level when placed in auto-zero mode
(switches S and S2 are open and switches X4-X7 are all closed). Since node I8, the
Viatcnp sigﬂal, 1s high during this condition, one input of the NOR gate 1s a logical 1 and
thus the output of X9 1s defined as a logical O regardless of the other input. This prevents
an undefined CMOS logic level to be passed to the D flip-flop of X10, possibly causing

excessive and unnecessary power dissipation in CMOS logic circuits. Thus, the X9 NOR
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gate is used to sample the output of the latch circuit and present this signal to the D flip-
flop which records the comparator decision that will be accessed by the system at a later
time.

The D flip-flop 1n the comparator channel 1s not the traditional implementation of
an edge-triggered D flip-flop in CMOS technology. Usually a master-slave dynamic
topology 1s mnvoked which consists of two transmission gates and two inverters to lower
the device count and reduce area. A schematic of the edge-triggered D flip-flop 1s shown
in Figure 3-21. The NAND gate implementation of the D flip-flop results in a larger
circuit than the standard digital D flip flop, but has several important advantages for this
application. The NAI‘\ID circuit has a symmetrical sampling window 1n which the setup
time 1s equal to the hold time. Also, this D flip-flop topology has excellent resolution. Its
sampling window (setup time + hold time) has been reported to be below 50 ps 1n 2 um
CMOS technology [34]. Thus, the flip-flop achieves low metastability performance due
to 1ts high-resolution characteristics. These features are advantageous for this application
because thus allows a longer acceptable latch response time and results in reduced
comparator metastability performance.

The NMOS transistor M1 shown 1n Figures 3-19 and 3-20 1s used to provide
overdrive recovery when the circuit transitions from compare mode back into auto-zero

mode. The overdrive recovery feature was implemented because of the following

scenario. When in compare mode, a large differential input signal of the comparator can

saturate the output stage of the preamplifier. This condition can be a problem when the

circuit transitions back into auto-zero mode. In auto-zero mode, the comparator will
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normally have a small differential input overdrive condition, which will be the input
offset voltage of the preamplifier. Because of this small input overdrive condition 1n auto-
zero mode, combined with the preamplifier’s output stage being saturated 1n compare
mode, the preamplifier’s response can be much slower than normal when the 01£cu1t
transitions from comparison mode to auto-zero mode. The implementation of transistor
M1 effectively resets the preamplifier and improves the recovery process, which lowers

the overall time period required for the comparator offset correction process.

3.2 Reference Generation Circuitry and Analysis

A resistor string was chosen as the reference generation circuit for this ADC
application. This simple architecture generally results in good accuracy provided that no
output current 1s required and the resistors can be realized within the required accuracy.
The main advantages of the resistor string implementation are low complexity,
guaranteed monotonic transfer characternistics, and the excellent differential non-linearity
obtained with the reference voltages.

Since the comparators of the ADC rely on the applied reference voltages in the
decision making process, the reference generation circuitry plays an important role in
determining the overall linearity performance of the ADC. The accuracy of the reference
generation circuitry is obviously related to the matching of the resistor string. To
determine the required resistor matching for this application, the relationship between
resistor mismatches and reference generation errors must be formed. Since the reference

generation errors directly affect the hinearity performance of the ADC, determuning the
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INL and DNL of the reference generation network for a given resistor mismatch 1s very
beneficial. ‘

The INL and DNL associated with the reference generation circuitry can be
derived based upon resistor matching [24, 35, 36]. Suppose the i-th resistor, R,, has a
musmatch error associated with 1t so that

R =R+AR, , (3-71)
where R is the 1deal value of the resistor and AR, is the mismatch error. Now assume that

all mismatches are symmetrical about the resistive ladder so that the sum of all the

musmatch terms are equal to zero. Therefore, this assumption means the relationship
Y. AR, =0 (3-72)

exists, where 2V is the total number of resistors mn the string required for a N-bit
converter. The ideal voltage value at each node of the resistor string can be found by

using sumple voltage division and can be expressed as

Y
V) e =()2—N"’f for1=0, I, 2, 3....., (2"-1) . (3-73)

Including resistor mismatch errors, the actual value of the .voltage at each node of the
resistor string can be found by summing all of the resistors up to the node and then
dividing by the sum of all the resistors 1n the string. This results in the expression

Vref sz Vref z (R + ARk )
k=1 = 2Nk:l , (3_7 4)

gkk Y (R+AR,)

k=1

V(@) =

actual —

and can be re-written as
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S

V., [(i)R+2ARk]
k=1

V) aerat = =
2R+ AR,
k=1

actual = (3-75)
Since the sum of all mismatch errors along the resistor string are assumed zero
(Equation 3-72), the second term 1n the denominator of Equation 3-75 sums to zero, and
thus
. R !
Vref [(l) + 2 ARk ] Vref (i)R V’ef 2 ARk

k=1 k=1
= i 3-76
2R 2R 2% R (3-76)

V(l) acrual =

Equation 3-76 can be re-written 1n the form of

» . Vre AR
V@ et =V O e +—=| > |- (3-77)
2 k=1 R

The form of Equation 3-77 1s very useful and can be used to help determine the INL and
DNL of the resistor string.
The INL of the resistor string is defined as the difference between the actual and
1deal reference voltage taps, or
INLG) =V (@) sosar =V O ieus - (3-78)

Substituting Equation 3-77 into Equation 3-78, yields

» » Vre . AR
INLG) = | V(@) ygous + | 35 |-V ) et » (3-79)
2Y | & R \
and simplifies to
Vv 1
INL(i) =—F z& : (3-80)
2 k=1 R
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Equation 3-80 is a general expression of the INL for a given i-th tap of the resistor
string expressed 1n terms of volts This equation can easily be expressed as a fraction of
an LSB. A worst-case condition of INL can be imposed by assuming that the lower half
of resistors have a maximum positive musmatch and the upper half of resistors have a
maximum negative mismatch, or vice versa [24, 35]. Thus, using this worst-case analysis
the maximum INL occurs at the middle tap of the resistor string [i=2(N'1 )1, and results in

the expression of

2¥ | & R

Vi (% AR, | Vi |AR, |
INL| =-2 A P S 3-81
[INL,., [Z ] 2[R | (3-81)
The DNL of the resistor string can be defined as the actual step value between

two adjacent reference voltage taps minus the ideal voltage step value Using Equations

3-73 and 3-77, this is expressed as

| |_ (l+1)V Vref i ARk _ (i)Vref +Vref . ARk (3-82)
e MY &~ R ¥ N & p |7
and can be simplified to

V. (AR V, AR

=ity Lor (AR Vg () AR Y 3-83

IH‘] l |2N ZN(R] |2N( R ] ( )
The DNL of each voltage tap can be calculated by the expression
14 AR\ V.| V.|AR|

DNL() ==L | 1+—=~ |- L =2 3-84

0= |2[ R]2”| 2 R | G50

Thus, the maximum DNL of the resistor string will occur at the voltage tap for which

AR 1s at 1ts maximum value and 1s given by
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Vref AR
== 3-85

Now that the INL and DNL expressions of the reference generation circuitry have
been derived, the lineanty errors of the reference generation circuitry can be calculated
based upon a given resistor mismatch. For this application, 6-bits of resolution with a
nomunal reference voltage of 1.275 V 1s desired. Therefore, the reference generation
circuitry must contain 2" or 64 resistors. Suppose resistor matching of 1% is achieved in
the reference generation circuitry. The maximum INL error contribution of the resistor

string expressed as a fraction of an ADC LSB is given by

V. |AR| 1.275/|0.01R)|
IINL| = 2Rl 2 | R oy 637 ™V _032LSB.  (3-86)
m: 1LSB V. 20 mV

2N

The maximum DNL error contribution of the resistor string expressed as a fraction of an

ADC LSB is given by

Vs |AR|  1.275]0.01 R
2V R, _2° | R | _0.02my
1LSB Vo 20 mV
26

IDNL| = =001LSB . (3-87)

Note that resistor matching 1n the reference generation circuitry is not as critical
when determuning the DNL compared to an INL specification of equal value The INL
specification is the limiting factor in the determining the required matching accuracy of
the resistor string since 1ts maximum error value can be 2™? times larger than the
maximum DNL error that can occur. It 1s important to note that both resistor string INL

and DNL expressions are independent of the reference voltage applied to the resistive
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ladder and the absolute value of the resistors, but are dependent only upon resistor

matching, and the total number of resistors 1n the string.

3.3 ADC Non-linearity Analysis

The lineanty performance of the ADC 1s dependent upon the controlled offset
voltagés of the comparators and the accuracy of the reference generation circuitry. The
non-linearity analyses of each of these two critical sections of the ADC have already been
derived and presented. However, these results can be combined to describe the total non-
linearity errors present in a flash or flash-type ADC based upon the offset voltage of the
comparators and resistor matching in the reference generation circuatry.

The maximum INL error present in the ADC can be found by combining
Equations 3-3 and 3-81. The worst-case INL error associated with the ADC expressed as

a fraction of an LSB 1s given by

Vre AR Vre AR
Vos | mae + 2f _R_‘ Vs e 2f 7[
INL,, = — = 7, (3-87)
2N

Similarly, Equations 3-6 and 3-85 can be combined to establish the maximum
DNL error that can occur in the ADC. The worst-case DNL error associated with the

ADC expressed as a fraction of an LSB is given by

re; AR re; AR
Vos. _Vos.+1|max + 21\{ } 2|VOS|max 2)\{ i
DNL,, .= -
aoc 5B 7 . (389)
2_N

which assumes two adjacent comparators have maximum comparator offset voltages 1n
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the positive and negative directions.

Some observations can be made regarding Equations 3-87 and 3-88. Furst of all,
the DNL errors of the ADC will be totally dominated by the offset voltage of the
comparators and the resistor mismatch in the reference generation circuitry 1s negligible.
Interesting to note, however, that both resistor mismatch and comparator offset can be
significant contributors to INL errors in a flash or flash-type ADC. Therefore, both the
offset voltages of the comparators and resistor mismatches must be well controlled over
process variations to guarantee good ADC linearity performance.

Suppose resistor matching of 1% 1s achieved in the reference generation circuitry
and the maximum corrected comparator offset voltage is maintained below 2.5 mV.
Based upon these assumptions, the INL and DNL errors of the ADC can be calculated.

The worst-case INL of the ADC can be calculated by using Equation 3-87 and 1s given by

S mV+ 1.275(0.;1R] o
INL = =27MY _ 044 LSB . (3-89)
1LSB 20 mV

The DNL of the ADC can also be calculated by using Equation 3-88 and 1s given by

22.5mV)+ 1';75 (—O'(I’;R) oy
DNL = =<M"Y _026LSB . (3-90)
1LSB 20 mV

The calculated INL and DNL values based upon the assumptions above will meet the
linearity requirements of the converter. Therefore, resistor matching of 1% or less in the
reference generation circuitry and corrected comparator offset voltages of less than
2.5 mV are good design goals that should meet the linearity performance required for this

6-bit ADC application.
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3.4 Digital Error Correction and Encoder Description

The outputs of the comparators in flash or flash-type ADC architectures should
form a thermometer code with a single transition point. A well-behaved comparator
output bank in a flash converter produces a sequence of ones up to a certain point and
then contains a sequence of zeroes beyond that point. Figure 3-22 shows an example of a
thermometer code in a classical 3-bit flash ADC. However, due to comparator
metastability, noise, delay mismatches between comparators, limited bandwidth, and
other effects, the comparator outputs may produce out-of-sequence ones and zeroes 1n the
thermometer code. This effect 1s called thermometer code bubbles. These bubbles can
easily be recognized by a one found among zeroes or a zero found among ones. However,
these bubbles usually occur near the transition point of the thermometer code.

These bubbles can be removed by using three-mput NAND gates to provide
limited digital error correction. This correction technique 1s shown 1n Figure 3-23. With
this decoding modification, there must now be at least two consecutive zeros above a one
1n determining the correct transition point in the thermometer code. Thus, the digital error
correction detects a 1-0-0 transition 1n the thermometer code. Note that this method of
digital error correction does not eliminate all possible bubble errors, but analysis of the
most common types of bubbles shows that this techniques greatly reduces the probability
of a bubble propagating through the transition detection circuitry [17].

The data 1s encoded by three-input NAND gates that generate a single logic 0 1n
the output data. Thus, the encoder design required 1s a 0-out-of-1 detection scheme. Also,

the use of three-input gates instead of two guarantees a monotonic transfer function. This
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Figure 3-22. An example of a thermometer code in a classical 3-bit flash ADC.
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1s because the code sequence that will identify the O-1 transition in the comparator

outputs 1s a one and two zeroes from three consecutive comparators instead of a one
followed by a zero from only two comparators. The encoder is designed to select the
highest 1-0-0 transition and may result in a larger output code, but this will not result in a’
monotonicity error.

Metastability errors 1n ADCs occurs when undefined comparator outputs are
passed to the digital encoder which can result 1n an incorrect output code. Under normal
operating conditions 1n a flash or flash-type converter, the comparator outputs generate a
thermometer code. The comparators with reference levels below the input signal will
output a logical 1 and the rest of the comparators will have a logical 0 as their outputs.
However, if the input signal 1s close or equal to a reference voltage for a particular
comparator, then that comparator’s output may be undefined at the end of the allotted
evaluation time. There always exist a finite probability that the voltage difference at the
mput of a given comparator cannot be sufficiently amplified to achueve valid CMOS
logic levels within the allotted comparison time. Thus, when this condition occurs, the
output of the comparator 1s undefined and this indeterminate digital logic level is passed
to the digital encoder possibly causing errors. This phenomenon 1s referred to as
comparator metastability and is 1llustrated in Figure 3-24.

Since comparator metastability in high-speed ADCs can cause performance
limiting glitches 1n the converter’s output code, minimizing errors due to metastability 1s
important . Whale 1t is possible to reduce error rates by improving the comparator or latch

design, this typically conflicts with other requirements such as low area and power
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Figure 3-24. An example of comparator metastability in a 3-bit flash ADC.

103



dissipation. Metastability error probability can be related to the regenerative time
constant of the latch used in the comparator channel. The smaller the regenerative time
constant of the latch, the lower the metastability error rate. Normally, most of the
parameters of the metastability probability expression are not known with sufficient
accuracy to determine the metastability error rate to more than an order of magnitude [17,
37].

Metastability errors in flash or flash-type ADCs are fundamental and can be
reduced but never completely eliminated. For this application, a very low metastability
error rate 1s not required. This is because other 1ssues such as finite time resolution 1n the
event capture circuitry and scanner efficiency performance will dominate the overall
error rate of the time measurement system. The addition of a second latch in the
comparator channel has been reported to reduce metastability errors in ﬂasl; ADCs by

two orders of magnitude [17, 37]. Since metastability error rate 1s not critical for this

application, this simple metastability reduction technique was implemented in this design.

3.5 ADC Timing Information and Digital Controller Requirements

Although the digital control logic design of the ADC 1s not the focus of this work,
certain relevant ADC timing information 1s presented 1n this section. The ADC control
logic, which utilizes the 16 ns system clock, 1s responsible for all the necessary timing
information to generate MSB and OSB comparator control signals and interfaces the
ADC with the rest of the system. Figure 3-25 presents the two-step flash ADC timing

diagram which shows most of the relevant ADC control signals and documents the ADC
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timing information and controller requirements. The specification of the ADC controller
requirements assumes that a synchronous START command will be provided to the ADC
from the system to 1nitiate a conversion Once the START command is received, the MSB
comparison process begins while the OSB comparators remain in the auto-zero mode
The MSB comparator has 24 ns to compare the analog input signal with 14V, At the end
of this evaluation time period, the output of the MSB comparator 1s clocked into a
register. A total time period of 16 ns 1s allowed for the interpretation of the MSB output
and selection of the appropriate reference levels for the OSB comparators. Meanwhile,
after the output of the MSB channel 1s registered, the MSB comparator immediately
enters auto-zero mode to get ready for the next conversion. After the reference voltages
are selected, the OSB comparators begin their comparison process, which consumes
24 ns of conversion time. Finally, the output of the OSB comparators are clocked 1nto
their output registers and encoding with error correction 1s performed during the allowed

latency period of one 16 ns clock cycle.
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Chapter 4

ADC Transistor Level Design, Layout, and Simulation

4.1 Preamplifier Design, Layout, and Simulation

The preamplifier was developed based upon the analysis presented in Chapter 3.
A detailed schematic of the preamplifier, which shows all device sizes and bias currents,
1s given 1 Figure 4-1. Since the preamplifier 1s being used in an OOS correction
technique, the circuit was designed for a nominal gain of 20 dB with a bandwidth that
allowed the comparator outputs to reach therr final values within a comparison time of
16 ns. Gain allocation of the two gain stages in the preamplifier was performed to achieve
a small mput capacitance while maintaining good bandwidth performance. This design
methodology resulted in the use of small device sizes for the input differential pair and a
4X PMOS current muror gain configuration for transistors M4-M7. Also, non-minimum
gate lengths were used 1n most devices to improve transistor matching resulting in tighter
open loop gain control and lower random offset voltage effects. In addition, device sizes
and bias currents were selected to achieve a common-mode input range of at least 2 volts.

The simulated frequency response of the preamplifier with all parasitic layout and
load capacitances 1s shown in Figure 4-2. The preamplifier achieves a bandwidth of
f-338 = 57 MHz and a gain-bandwidth-product of 570 MHz while consuming 300 pA of
current. The parasitic layout capacitances decreased the preamplifier’s bandwidth
performance by 15 MHz. Also, the load capacitance of 75 fF degraded the frequency

response by an additional 30 MHz. The load capacitance of 75 fF 1s a conservative (15%)
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approximation of the parasitic capacitance that 1s associated with the output offset storage

capacitors, which are nomunally 0.5 pF. The transient response of the preamplifier is
shown in Figure 4-3. This simulation verifies that the preamplifier has a gain of
approximately 20 dB and the differential outputs reach their final value within the
allotted evaluation time period of 16 ns with a £10 mV input signal overdrive condition.
The preamplifier’s dc output transfer function was found by sweeping V,, from
2V to 3V with Vs held at 2.5 V. The result of this simulation is shown in Figure 4-4.
The preamplifier achieves zero systematic offset error performance with no hysteresis.
Figure 4-4 also shows that the output transfer charactenstics of the preamplifier 1s very
much a nonlinear response. However, the preamplifier does exhibit a fairly linear region
of operation when the imput lies within #50 mV from the reference voltage. This
charactenistic of the preamplifier, which is illustrated in Figure 4-5, 1s important since the
circuit will employ an OOS calibration techmque. Since the preamplifier’s output 1s
linearly related to 1ts input, in this region of operation, the preamplifier can accommodate
and correct offsets of at least 50 mV in magnitude. The nonlinear response of the
preamplifier can be explained with the help of Figure 4-6, which shows the bias currents
in the output transistors 1n addition to the preamplifier outputs. Note that switching of the
preamplifier outputs occurs wheil the currents in M8 and M10 are equal and the currents
in M9 and M11 are equal. The addition of transistors M9 and M1I, combined with M8
and M 10, provides limited positive feedback that increases the gain and performance of
the preamplifier. However, this feedback loop is effectively disabled when any of output

transistors (M8-M11) turn off. Thus, the nonlinear behavior of the preamplifier’s transfer
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function 1s due to the fact that the positive feedback used in the preamplifier 1s only
active for a limited range of mput signal.

Figure 4-7 shows the gain and frequency response of the preamplifier over a 2
volt (2 V-4 V) common-mode input range. There 1s a shght decrease (7%) in the
preamplifier’s gain as the common-mode 1nput voltage 1s imncreased. This gain vanation 1s
due to the body effect on the differential input transistor pair. As the common-mode
voltage increases, the threshold voltages of the input transistor pair increases due to body
effect and this lowers the effective transconductance of the input stage transistors which
decreases the gain of the input stage and results in an overall lower gain of the
preamplifier. This slight open loop gamn vanation is only a concern if the preamplifier’s
gain changes or 1s different when the circuit is in an OOS correction mode versus
comparison mode. The gain vanation of the preamplifier has no consequences for the
MSB comparator channel since the MSB comparator uses the same reference voltage
value all the time. However, since reference voltages for the OSB comparators are
switched based upon the MSB comparator decision, the gain vanation of the preamplifier
deserves some consideration for the OSB comparator channels. Spe01lal attention was
dedicated in the ADC design to ensure that the OSB comparator channel always used the
same reference voltage in both the auto-zero and comparison modes. If this condition 1s
not satisfied, then a residual input-referred offset error 1s created due to the preamplifier’s
gain variation as a function of common-mode input range. The requirement of using the
same reference voltage for both auto-zero and comparnson mode was achieved in the

OSB comparator channels by starting the preamplifier’s OOS calibration process based
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upon the last reference selected from the previous conversion and then switching the
OSB references as soon as the MSB comparator decision was available.

The integrated circuit layout plot of the preamplifier 1s shown in Figure 4-8.
Special attention was given to the layout to keep all interconnects as short as possible to
reduce parasitic layout capacitances. Also, guard rings were placed extensively around
the design to mimimze substrate noise and clock coupling into the input. Transistor
replication techniques were used in the layout to 1mprove transistor matching resulting in
tighter open loop gain control and lower random offset voltage effects. The preamplifier

occupies a silicon area of 51 um x 66 um and dissipates 1.5 mW from a single 5V

supply.

4.2 Regenerative Latch Design, Layout, and Simulation

The regenerative latch was developed based upon the analysis presented in
Chapter 3. A detailed schematic of the regenerative latch circuit, which :c,hows all device
s1zes and bias currents, is given 1n Figure 4-9. Since the functionality of the latch circuit
is essentially identical to the preamplifier when placed into the comparison mode, a
similar design methodology was 1implemented. The regenerative latch was designed for a
gain of around 20 dB in comparison mode with a bandwidth that allowed good transient
response in the allotted 16 ns comparison time.

As expected, the simulation results of the latch circuit when 1n compare mode are
very simular to that achieved with the preamplifier. The simulated frequency response of

the regenerative latch with all parasitic layout and load capacitances 1s 1llustrated 1n
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Figure 4-10. The latch circuit design achieves a gain of approximately 21 dB with a
bandwidth of f-338 = 55 MHz. The transient response of the latch circuit when 1n compare
mode is shown in Figure 4-11 for a £10 mV nput signal overdrive condition. This
simulation verifies that the latch has a gain of approximately 21 dB and the differential
outputs reach their final value within the allotted evaluation time period of 16 ns. Special
consideration was given to the design and simulation of the regenerative latch when the
circuit transitioned into latch mode. The performance of the latch circuit 1n this
regenerative mode is critical since the circuit needs to supply enough amplification to
convert potentiz/a.lly very small analog signals to full CMOS logic levels. The regenerative
latch was designed to make this transition to logic levels within an 8 ns time period.
Figure 4-12 shows the transient response of the latch circuit 1n regenerative mode for
different levels of mnput overdrive. The simulated transient response of the latch 1s based
upon a 16 ns companson interval and an 8 ns regenerative latch period. The performance
of the latch is very impressive since the circuit 1s able to compare very small input signals
and convert them to CMOS logic levels within a total time period of 24 ns. Also, note
that the latch response for all mnput signal conditions displays basically the same shape
but 15 just delayed 1n time as predicted by the latch analysis presented in Chapter 3.

The 1ntegrated circuit layout plot of the regenerative latch is shown 1 Figure 4-
13. Special attention was given to the layout to keep all interconnects as short as possible
to reduce parasitic layout capacitances. Also, guard rings were placed extensively around
the design. Transistor replication techniques were used in the layout to improve transistor

matching resulting 1n tighter open loop gain control and lower random offset voltage
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effects. The regenerative latch occupies a silicon area of 51 um x 92 um and dissipates

1.1 mW from a single 5 V supply.

4.3 Comparator Channel Design, Layout, and Simulation

Since the MSB and OSB comparator channels are essentially identical with the
exception of the reference selection network in the OSB channel, the layout and
simulation of only the MSB comparator channel 1s presented. One of the main objectives
in the comparator channel simulation process 1s to evaluate the offset correction
performance of the comparator channel and to verify correct operation with a given set of
timing conditions. In a SPICE simulation, all transistors are assumed 1dentical for a given
set of bias conditions, and therefore random offset effects associated with circuit design 1s
generally not modeled or covered in the simulation. Since the comparator channel has
zero systematic offset error and random offset effects are not modeled, a unique
challenge exists to evaluate the offset correction functionality and performance of the
comparator channel with SPICE simulations.

The anticipated residual input-referred comparator offset voltage after calibration
has been presented 1n Chapter 3. However, evaluation of the offset correction process and
performance of the calibration technique applied to the comparator channel 1s
fundamental. This was accomplished with SPICE simulations by artificially inserting
offset voltage generators into the comparator channel and corresponding simulation file.
A schematic diagram illustrating the implementation of offset voltage generators to

emulate random offset effects is shown 1n Figure 4-14. In Figure 4-14, the voltage source
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Vom represents the uncorrected offset voltage of the preamplifier while the voltage source

Vo emulates the uncalibrated offset voltage of the latch circuitry The differential
mismatch in charge injection of CMOS switches represented by X6 and X7 are not
modeled in this simulation due to the absence of detailed experimental data and
charactenization on the charge imjection mismatch between adjacent pairs of CMOS
transistors. Differential charge injection musmatch 1s a complicated process that 1s a
function of a number of parameters such as device area, channel length, gate voltage slew
rate, carrier mobility, and nput and output impedances [31, 32]. The offset correction
architecture should be robust against charge injection effects due to the implementation
of a differential topology combined with the utilization of CMOS transmission gates as
switches.

Based upon the circuit 1n Figure 4-14, SPICE simulations were performed to
evaluate the offset correction performance of the comparator channel. Figures 4-15 and
4-16 show simulations results for a comparator channel conversion with a 1 mV mput
signal (relative to the reference voltage) and 5 mV offset voltage generators for Vo and
Vogo. Figures 4-15 and 4-16 are results from the same simulation except that the bottom
set of traces in Figure 4-16 show the ttming information of the offset correction process.
Figure 4-17 illustrates the comparator’s overdrnive recovery response. Notice how the
preamplifier’s outputs quickly recover back to the baseline to begin the OOS auto-zero
process The simulations shown in Figures 4-15, 4-16, and 4-17 verified the basic
functionality of the comparator offset correction technique and overdrive recovery

process. Finally, a simulation was performed to determine the limitations of the offset
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correction process of the comparator channel. Figure 4-18 shows simulations results for a
comparator channel conversion with a £1 mV input signal (relative to the reference
voltage) and 50 mV offset voltage generators for Vo and Vg, The simulated offset
correction performance of the comparator channel under these conditions is very
impressive. The comparator achieves a *1 mV sensitivity even with offset voltage
generators as large as 50 mV. All possible polarity combinations for Vs and V5, were
simulated and the comparator still achieved the 1 mV resolution. Based upon these
simulation resuits, the comparator channel design should achieve the resolution and offset
correction performance required for this 6-bit ADC application.

The integrated circuit layout plot of the MSB comparator channel 1s shown 1n
Figure 4-19. Special attention was given to the layout process to develop a comparator
channel that could be replicated to keep all common interconnects as short as possible
while still making efficient use of silicon area. The MSB comparator channel occupies a

silicon area of 51 wm x 586 um and dissipates 2.6 mW from a single 5 V supply.

4.4 Reference Generation Design, Layout, and Simulation

A resistive ladder was used to create the necessary reference voltages for the
comparators of the ADC. Based upon the lineanity analysis of the reference generation
circuitry presented in Chapter 3, a resistor matching of 1% 1s required. Resistors
implemented 1n an integrated circuit typically have very poor absolute accuracy, but the
relative accuracy or matching of resistors can be quite good. The implementation of

polysilicon resistors were used in the reference generation circuitry. Polysilicon resistors
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have very good matching characteristics and also exhibit excellent voltage and
temperature coefficients. The selection of the size of the unit resistor cell replicated to
create the resistive ladder was complicated by the absence of experimental data on the
matching of polysilicon resistors in CMOS processes. As a result, the size or area of the
resistor unit cell was chosen based upon other ADC designs reported in the literature
[14]. The layout of the resistive ladder was folded once at its midpoint to reduce process
gradients and to facilitate the connection of two reference voltages that are required for
each OSB comparator channel. The ladder consists of 64 polysilicon resistors each with a
width of 12.5 pm and length of 30 um. With a sheet res;stlvity of about 25 Q/O for the
polysilicon material, the unit resistor was about 60 Q which resulted in an overall ladder
impedance of 3.8 kQ. A partial integrated circuit layout plot of the reference generation
network 1s shown in Figure 4-20. The complete reference generation circuitry occupies a
silicon area of 1578 pm x 72 uym and dissipates 0.4 mW from a reference voltage of

1.275 V.

4.5 ADC Prototype Chip Design, Layout, and Simulation

The ADC was developed based upon the integration of the major sections
presented in Chapter 3. Each major section of the ADC was independently verified after
layout for correct functionality and performance As a result, the integration of the
nmuxed-signal system was a straight-forward process.

SPICE simulations of the entire 6-bit ADC were performed to verify correct
integrated circuit layout, functionality, and performance. Simulation of a mixed-signal
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system; such as an ADC, poses interesting challenges it terms of simulation efficiency

and interpretation of results. A unique simulation technique was used to reduce the

enormous amount of mformation and output data to an output data format that could

easily be interpreted to verify correct ADC functionality.

The simulation methodology implemented to evaluate the ADC 1s a unique but

simple process. The SPICE simulation file was created to set-up the ADC to run at a

conversion rate of 15.625 MHz that resulted in synchronous ADC output data available

every 80 ns. Thus, a synchronous and periodic conversion rate was achieved. Commands

were written 1n the spice simulation file, to periodically record the voltages of all relevant

waveforms required to verify correct ADC functionality and performance. As a result, a

tabular text file was created which contained, for all conversions simulated, the analog

input of the ADC and the corresponding output code that was available 80 ns later This

SPICE simulatton methodology allowed quick verification of the ADC functionality for

all conversions simulated. An abbreviated listing of the simulation output file created 1s

shown in Figure 4-21. If this technique had not been implemented, then an enormous

amount of time would have been spent viewing and studying the ADC simulation results

with a post-graphics display program.

Correct functionality of the ADC for all possible output codes was verified with

SPICE simulations. Extensive ADC simulations revealed that switching transients were

generated 1n the reference ladder when the reference voltages for the OSB comparators |

were changed. These transients were most prominent near the middle of the resistor

ladder and affected the performance of the OSB comparators utilizing reference voltages
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mi_vin
m1_vout0
m1_vout1
mi_vout2
mi_vout3
m1_voutd4
mi_voutd
m1_voflow
m2_vin
m2_vout0
m2_vout1
m2_vout2
m2_vout3
m2_vout4
m2_voutd
m2_voflow
m3_vin
m3_vout0
m3_vout1
m3_vout2
m3_vout3
m3_voutd4
m3_voutd
m3_voflow
m4_vin
m4_vout0
m4_vout1
md_vout2
m4_vout3
m4_voutd
md_voutd
m4_voflow
m5_vin
m5_vout0
m5_vout1
m5_vout2
m5_vout3
m5_voutd4
m5_vouts
m5_voflow

adc
transient

simulations
analysis thom=

2 50E+00 from=
5.00E+00 from=
-3 10E-07 from=
-3 07E-07 from=
-2.99E-07 from=
-3.00E-07 from=
-2.97E-07 from=
-2.89E-07 from=
2.52E+00 from=
-3.06E-07 from=
5.00E+00 from=
-3.07E-07 from=
-2.99E-07 from=
-3 00E-07 from=
-2 97E-07 from=
-2.89E-07 from=
2 54E+00 from=
5.00E+00 from=
5.00E+00 from=
-3.07E-07 from=
-2 99E-07 from=
-3.00E-07 from=
-2.97E-07 from=
-2.90E-07 from=
2.56E+00 from=
-3.06E-07 from=
-3.08E-07 from=
5 00E+00 from=
-2.99E-07 from=
-3.00E-07 from=
-2.97E-07 from=
-2.89E-07 from=
2 58E+00 from=
5.00E+00 from=
-3.10E-07 from=
5.00E+00 from=
-2.99E-07 from=
-3.00E-07 from=
-2.97E-07 from=
-2.90E-07 from=

25 temp=

1.24E-07 to=
1.62E-07 to=
1.62E-07 to=
1.62E-07 to=
1.62E-07 to=
1.62E-07 to=
1.62E-07 to=
1.62E-07 to=
1.88E-07 to=
2.26E-07 to=
2.26E-07 to=
2.26E-07 to=
2.26E-07 to=
2 26E-07 to=
2.26E-07 to=
2.26E-07 to=
2 52E-07 to=
2.90E-07 to=
2.90E-07 to=
2 90E-07 to=
2.90E-07 to=
2.90E-07 to=
2.90E-07 to=
2.90E-07 to=
3.16E-07 to=
3.54E-07 to=
3.54E-07 to=
3.54E-07 to=
3.564E-07 to=
3.54E-07 to=
3.54E-07 to=
3.54E-07 to=
3.80E-07 to=
4.18E-07 to=
4.18E-07 to=
4 18E-07 to=
4.18E-07 to=
4 18E-07 to=
4.18E-07 to=
4,18E-07 to=

25

1.25E-07
1.63E-07
1 63E-07
1 63E-07
1 63E-07
1 63E-07
1 63E-07
1 63E-07
1.89E-07
2 27E-07
2.27E-07
2 27E-07
2 27E-07
2.27E-07
2 27E-07
2.27E-07
2.53E-07
2.91E-07
2.91E-07
2 91E-07
2 91E-07
2.91E-07
2 91E-07
2 91E-07
3 17E-07
3.55E-07
3 55E-07
3 55E-07
3.55E-07
3 55E-07
3 55E-07
3 55E-07
3 81E-07
4 19E-07
4 19E-07
4 19E-07
4 19E-07
4.19E-07
4.19E-07
4 19E-07

Figure 4-21. Abbreviated listing of the ADC simulation output file.
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1n this region. The switching transients created in the reference generation circuitry were
mimmized to acceptable levels by placing three external bypass capacitors along the
resistor ladder. Due to time constrants, thus design modification was deemed an
acceptable solution and no additional measures or precautions were taken.

A large mixed-signal system such as an ADC requires careful floor planning and
often iteration between design, simulation, and layout. Significant effort was spent 1n
achieving an optimal ADC layout. Most of this time was consumed 1n developing a
comparator channel that could be replicated with efficient use of silicon area. The
integrated circuit layout was preformed in a manner such that sensitive analog sections
were isolated from the digital circuitry. Extensive substrate and well connections were
implemented throughout the mixed-signal layout. All comparator channels and individual
subcircuits were surrounded by guard rings to minimize noise and substrate coupling. To
1solate and de-couple cnitical power supple lines from transient noise generated in various
sections of the ADC design, the integrated circuit layout employed three different power
supply systems. One power system was dedicated to the sensitive analog sections of the
ADC. A second set of power and ground connections was commutted to the semi-analog
sections of the layout. Finally, a third power supply system was connected to the digital
sections of the ADC. All power and ground buses were made very wide with redundant
connectivity to reduce the equivalent series resistance of the metal traces. Also, multiple
power and ground pins with separate bond wires to package pins were used to reduce the
equivalent series inductance of the packaging for improved noise immunity.

The 6-bit ADC design dissipates 90 mW and occupies a silicon area of 1.97 mm x

138



1.13mm in 0.8 pum CMOS technology. The integrated circuit layout of the ADC
prototype chip 1s shown in Figure 4-22. The ADC prototype chip, which measures
2.37 mm x 1.87 mm, contains the complete 6-bit two-step flash ADC, along with an

entirely separate comparator channel with digital control logic.
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Chapter 5

Experimental Results

5.1 ADC Evaluation and Characterization

5.1.1 ADC Test Methodology and Circuitry

Before testing and evaluating an ADC, a fundamental task is to determine what
parameters of the ADC must be fully characterized because this affects the test
methodology and cucuitry. With most ADCs, gain and offset specifications are not the
most critical parameters determuning the ADC’s performance 1n a specific application.
Typically, these errors can be calibrated out erther 1n software or hardware setup routines.
The most important specifications of the ADC for this time measurement application are
the differential non-linearity (DNL) and integral non-linearity (INL) performance of the
converter because they represent irreducible errors that cannot be calibrated out at the
system level. Many methods have been reported to test and characterize ADCs. Two of
the common ADC test methodologies were adopted to evaluate the 6-bit CMOS two-step
flash ADC.

The first test strategy implemented was a traditional method which involves the
use of a digital voltmeter (DVM) to obtain high measurement accuracy with a static or
slow varying input signal. This test method will be referred to as a dc sweep input test
throughout the rest of this work. Linearity, gamn, and offset errors can all be obtained and
readily calculated from the knowledge of transition levels of the ADC transfer function.

The dc sweep input test is performed with the converter free-running or continuously
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converting and the output code of the ADC is recorded for various input signal voltage
levels which span the entire dynamic input range of the converter. The recorded
information of input signal and corresponding output code can be used to determine the
transition levels that represent the ADC transfer function. This simple test methodology
offers low complexity and provides good characterization of the ADC in the dc or slow
varying amplitude domain.

The other test strategy implemented was to test the ADC as 1t would be used 1n
the time measurement application. This test method involved a computer-based system
with a data acquisition card and extensive support circuitry, which allows testing the
ADC at full-speed with full-range dynamic inputs. Also, this computer-aided ADC
characterization methodology provides tremendous flexibility since almost any test
pattern or condition can be generated with the corresponding results recorded.

A block diagram of the experimental setup for testing the ADC by both test
methodologies 1s shown in Figure 5-1. A CMOS clock oscillator 1s used to provide the
16 ns system clock for the ADC and external control logic. The control logic 1s required
to provide synchronization and timing information between the data acquisition card of
the computer and the test board. Two high-speed first-in-first-out memornes (FIFOs) are
used for data management and a high-speed 10-bit digital-to-analog converter (DAC) is
used to create the dynamic analog wnput signal to the ADC. The mput FIFO 1s used to
store the input test pattern that is loaded by the computer via the data acquisition board.
During the full-speed testing process, data is transferred from the input FIFO and

presented to the DAC The DAC interprets these digital numbers and then generates the
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corresponding voltage levels to the ADC. The output FIFO is used to record the ADC
output codes during the full-speed testing process. The data recorded by the output FIFO
during testing is then read by the computer with the data acquisition board. The data can
then be processed and analyzed by the computer to determine and characterize the
performance of the ADC.

Only the most significant 9-bits of the 10-bit DAC are utilized due to data
management constraints. Since only 9-bits of the 10-bit DAC are used, the normal non-
linearity errors associated with the DAC are drastically reduced and the DAC should
perform very well. Using the DAC 1n this configuration should provide clear separation
between the errors of the ADC and errors that are normally present in the DAC.
Therefore, to first order, the errors of the DAC are considered negligible when compared
to the errors of the ADC. With the same reference voltage, the 9-bits of the DAC can
determine the non-linearity errors of the 6-bit ADC to 1/8-bit or 2.5 mV precision, which
is sufficient accuracy for this application.

A detailed schematic of the test circuitry developed to characterize the ADC by
both test methodologies is shown in Figure 5-2. The test circuit 1s stmple in concept but
in reality is complicated by synchromzation 1ssues between the data acqusition card of
the computer and the test board. Also, realization of the circuitry requires an enormous
amount of connectivity due to several data paths present in the design. The muxed-signal
circuit was constructed on a copper-clad board that served as a solid ground plane.
Component placement was implemented 1n a manner to isolate analog and digital

components when possible. Signal routing was performed to separate low-level analog
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input signals and high-level digital output or clock signals. Also, de-coupling capacitors
were extensively used with tight connections between components power pins and
ground. A photograph of the test board developed to characterize the ADC 1s shown 1n
Figure 5-3. After extensive troubleshooting and verification of the test board

functionality, evaluation and characterization of the ADC was performed.

5.1.2 DC Sweep Input Measurements

A dc sweep input test was the first type of test performed on all twenty-three
ADC prototype chips. This test was performed by manually varying the input voltage to
the ADC over the entire dynamic input range and recording the corresponding output
code to determuine the converter’s transition levels. Results from these measurements
indicated that the ADC design was entirely functional and demonstrated acceptable
linearity performance for this dc sweep input test. Also, the converter satisfied the
condition of no missing codes since every possible output code was represented 1n the
ADC transfer function.

The measured and ideal transfer function of the ADC is shown 1n Figure 5-4 The
two lmnes plotted n the figure are inseparable, which indicates good lineanty
characteristics of the converter. After analyzing the data of all twenty-three ADC
prototype chips evaluated by the dc sweep 1nput test, the worst-case deviation between an
actual transition and 1deal transition voltage was determined to be less than 4.6 mV. This
impressive conclusion implies that the sum of corrected comparator offsets and reference

generation errors were maintained less than % LSB for all channels. Typical INL and

146






*DAYV Y} JO SISLIILILYD U0I)OUNy IJSURI) [BIPI SNSIA painseaul [eddL ], *p-s danS1[

apo9 jndjnQ
9 09 9 rA 8y o ot rA% 82 e 0C 9l 2l
Eje( pajejnoje) ¢
— ejeq painseajy m
|
III
e
|
-I
II
ll
T
) n
[ |
a"
|
|
|
L2
L |
|
|
[ |
|
[
|
"
| |
|
|
|
|
[ |
[ ]
a
]
| |
[ ]

0ooy'e

0009 ¢

0008°C

0000’

0ooce

(s110A) ebejjoA Indu)

ooov'e

0009°€

0oo8’e

148




DNL performance of the ADC ascertained by dc sweep input measurements are shown in
Figure 5-5. Also, the INL and DNL performance for all chips evaluated by the dc sweep
test method is illustrated in Figure 5-6 and Figure 5-7, respectively. Figures 5-6 and 5-7
show that the non-linearity errors of the ADC are maintained well below the required
% LSB specification. Also, the most severe linearity errors occur at the ADC output
code transition of 31 to 32. Further investigation of these linearity errors revealed that
these errors are the result of reference voltage generation errors at or near the muddle
point of the resistive divider.

The reference voltage errors are a direct result of resistor rismatch in the resistive
divider and switching transients present in the reference ladder network. The resistive
divider is used to create all the reference voltages to the comparators of the ADC
Measurements on the three avaﬂabie taps of the reference ladder on all prototype chips
indicate that the worst-case reference voltage error occurs at the middle tap of the ladder
and 1s on average about 7 mV below the nominal value of 3.1125 V. From the limited
reference voltage measurements performed, an average resistor matching of 1 1% was
achieved 1n the reference generation network. Switching transients occur 1n the reference
ladder when the reference voltages on the OSB comparators are switched or changed
from the previous conversion. The decision of whether to change the reference voltage on
the OSB comparators 1s based upon the output decision of the MSB comparator. When
the ADC output code transitions from 31(011111) to 32 (100000), continuous switching
of the reference voltages for the OSB comparators occurs because the output of the MSB

comparator toggles between 0 and 1 during this transition region. These switching
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transients are believed to be significant enough to cause reference voltage generation

errors especially near the middle of the resistive ladder, which leads to non-linearity

errors of the ADC at these transition regions.

5.1.3 Dynamic Code Density Measurements

The next test methodology performed on the ADC prototype chips was a dynamic
code density test. This test method emulates the real application and actually evaluates
the ADC as 1t would be used in the time measurement application The dynamic code
density test is a computer-based test methodology of characterizing ADCs at full-speed
and full dynamic range [38]. The code density test produces a histogram of the digital
output codes of an ADC sampling a known imput signal. The histogram or output code
density 1s a record of the number of times every individual output code has occurred.
Note that any output code density or histogram bin that is equal to zero corresponds to a
mussing code in the converter’s transfer function. The statistical nature of the code
density test gives a more accurate characterization of the converter compared to
traditional tests 1n which each output code is only recorded once.

Although other information about an ADC can be obtained with this type of test,
histograms are used more often 1n evaluating the DNL of the device. The code density
test will be used here to only determine the DNL of the ADC. With a uniform random
input signal applied to the converter, the number of counts 1n a particular bin 1s directly
related to 1ts bin width. Thus, the information accumulated 1n the histogram can be used

to determine the DNL of the ADC. The DNL expressed as a fraction of LSB can be found
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from the histogram by taking the number of counts in the i-zk bin and dividing by the
ideal number of counts in each bin, and then subtracting one LSB from the expression.
The DNL expressed as a fraction of a LSB 1s given by

DNL() = ]X,(i) -

1, (5-1)

B
where N(i) is the measured number of counts in the -tk bin. Also, note that Np 1s the 1deal

number of counts in each bin and can be calculated by

S

Yk (5-2)

Ny =

where S 15 the total number of samples and N is the number of bits of the ADC.

The dynamic code density test described was performed on all of the ADC
prototype chips. A random input test pattern for the code density test was generated by
using the rand( ) function and a macro in the C programmung language. Using this
function, random numbers between O to 511 were generated and loaded into\the mput
FIFO. The random numbers loaded into the FIFO were used so that the DAC could
generate rar;dom input signal levels that spanned the entire input dynamic range of the
ADC. The converted output codes of the ADC were recorded by the output FIFO. The
codes were read from the output FIFO by the compute‘r via the data acquisition board.
These codes were then used to create a histogram of all ADC channels. This histogram
was used to calculate the DNL characteristics of the ADC using Equations 5-1 and 5-2.

For the dynamic code density test methodology, a total of 320,000 random

samples were taken which for the 6-bit ADC corresponds to a nominal value of 5,000

counts per bin or channel. Special attention was given to the random number generation

t
f
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process to ensure that the random distribution of numbers produced was uniform enough
so that the results from this test methodology could not be misinterpreted as ADC
linearity errors. Figure 5-8 shows the linearity of the random data generated for the code
density test measurements. The number of samples recorded was deemed sufficient since
this number ;>vercmne any variation in the measurements due to noise or any other effects
and a large increase in the number of samples taken produced essentially the same
results. The DNL performance for all twenty-three ADC chips evaluated with the code
density test is shown 1n Figure 5-9.

The data presented in Figure 5-9 shows that the DNL errors of the ADC are
maintained well below the required +%2 LSB specification. Also, the most severe linearity
errors occur at the ADC output code transitions near or at the middle of the output code
region. Similar results were measured by the dc sweep input test methodology. Again,
these linearity errors are believed to be the result of reference voltage generation errors
which are a result of resistor musmatch in the resistive divider and switching transients
present in the reference ladder network. The non-linearnity erfors are more prevalent with
the code density test because of the full-speed dynamic test evaluation and the random
mput signal applied to the ADC. With a uniform random input signal applied to the ADC,
all codes are equally probable and thus the output of the MSB comparator 1s equally
probable. Therefore, the output of the MSB comparator constantly toggles between 0 and
1 duning this test and non-negligible transients in the reference ladder network are
produced. These switching transients are believed to be significant enough to cause

reference voltage generation errors, especially for OSB comparators that utilize reference
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voltages near the middle of the resistive ladder, and these transients lead to non-linearity
errors of the ADC near these transitional regions. Nevertheless, the measured lineanty
performance of the ADC evaluated with the code density test 1s within the required

linearity specifications and therefore 1s adequate for this time measurement application.

5.2 Comparator Offset Measurements

An entirely separate test board was designed and constructed to measure
comparator offset performance. A detailed schematic of this test board 1s shown in Figure
5-10. Since sensitive mullivolt signal levels were under evaluation, special attention was
given to the design and layout of the test board. The circuit was constructed on a copper-
clad board that served as a ground plane. Component placement and signail routing was
performed to separate low-level input signals and high-level output or clock signals.
Also, de-coupling capacitors were extensively used with tight connections between
components power pms and ground. Three separate regulated power supply systems were
implemented for power supply de-coupling. All bias and reference generation circuitry
were powered from one supply system. The prototype chip with output buffers and filter
circuits shared a second supply system. The clock oscillator was provided an entirely
separate third supply system, which no other additional circuitry utilized. A photograph
of the test board developed to evaluate the corrected offset performance of the CMOS
comparator channel is shown 1n Figure 5-11.

The offset correction performance of the comparator channel was evaluated with

a dc or very slow varymg input signal. Both inputs of the comparator were available for
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testing and a CMOS logic level at the output of the comparator channel was available to
determune the comparator decision. The output of the comparator was buffered and low
pass filtered to achieve an average dc level of the comparator output. Offset measurement
testing was performed by applying a reference voltage to the munus mput of the
comparator and then slowly varying the positive input. These dc sweep measurements
were performed with the comparator free running or continuously comparing the input
signals while the filtered comparator output voltage was monitored. When the filtered dc
output level of the comparator was approximately half the power supply voltage, the
input differential voltage of the comparator was measured and this value was taken to be
the corrected offset voltage of the comparator.

Corrected comparator offset measurements were made on all twenty-three
prototype chips at two different comparison rates. Table 5-1 contains corrected
comparator offset measurements on all twenty-three comparator channel prototypes at
comparison rates of 8 MHz and 16 MHz. These measurements reveal that the CMOS
comparator channel maintains a worst case input-referred offset of less than 1 mV at a
conversion rate of 8 MHz and less than 2 mV at a comparison rate of 16 MHz while
dissipating less than 2.6 mW. The vanation of offset voltage with comparison rate or
frequency has been reported with comparator circuits [33]. A significant portion of the
vanation of offset voltage with frequency is believed to be contributed to clock coupling
in the package and test board. The measurements made on the comparator design also
show that the corrected offset voltages are tightly controlled with a large systematic

offset component 1n the offset voltages recorded. Again this phenomenon 1s probably due
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Table 5-1. Corrected comparator offset measurements at 8 MHz and 16 MHz.

Chip Offset at 8 MHz (mV) | Offset at 16 MHz (mV)
1 0.950 1.97
2 0.760 170
3 0.830 1.73
4 0.660 1.65
5 0.830 1.70
6 0.860 1.62
7 0.810 1.76
8 0.770 1.66
9 0 870 © 185
10 0.930 1.80
11 0.820 1.77
12 0.870 1.80
13 0.890 1.84
14 0.720 148
15 0.990 1.87
16 0.930 1.70
17 0.880 1.80
18 0.920 182
19 0.780 1.65
20 0.851 185
21 0.890 1.83
22 0.930 1.93
23 0.800 1.74
Max Offset 0.99 1.97
Min Offset 0.66 1.48
Average Offset 0.85 1.76
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to clock and signal coupling 1n the integrated circuit layout, package, or test board. From
the corrected offset measurements obtained, the offset performance of the CMOS
comparator is more than adequate for application in the 6-bit ADC with a 20 mV/LSB

resolution. This conclusion is further substantiated by the measured INL and DNL

performance of the ADC.




Chapter 6

Conclusions

6.1 Summary

The development of a 6-bit 15.625 MHz CMOS two-step analog-to-digital
converter (ADC) has been presented. The ADC was developed for use 1n a low dead time
high-performance sub-nanosecond time-to-digital converter (TDC), which will be
incorporated in a new generation front-end application specific integrated circuit for
positron emission tomography imaging.

The ADC architecture was based upon a two-step approach, which reduced the
comparator count by a factor-of-two when compared to the traditional flash ADC
architecture. As a result, a significant reduction 1n area, power dissipation, and input
capacitance of the converter was achieved. A key element 1n the design of the ADC was
the development of an offset corrected CMOS comparator. The comparator utilized a
unique offset calibration technique, which employed offset correction mn both the
preamplifier and subsequent regenerative latch stage to guarantee good performance over
extreme process variations. A complete non-lineanty analysis of the ADC was presented
which related reference generation errors and comparator offsets to integral and
differential non-linearity performance of the converter. This analysis was critical 1n
identification of error contributors in the ADC, which were then minimized to achieve
acceptable linearity performance. Also, digital error correction was employed to

overcome most major metastability problems and errors associated with flash or flash-
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type converters.

Sigmficant effort was spent evaluating and characterizing the performance of the
CMOS ADC and the offset corrected comparator designs. A fully automated test board
including computer control was developed to evaluate the ADC for static and dynamic
linearity performance. Also, an independent test board was developed to measure the
corrected offset performance of the comparator channel.

Characterization of twenty-three ADC prototype chips indicated that the converter
maintained differential and integral non-linearity performance well below the required
4 LSB specification while achieving a 20 mV/LSB resolution. Also, independent
corrected comparator offset measurements revealed that the CMOS comparator design
maintained a worst case input-referred offset of less than 1 mV at a comparison rate of

8 MHz and less than 2 mV at conversion rates as high as 16 MHz whule dissipating less

than 2.6 mW.

6.2 Suggested Design Improvements

It should be noted that the 6-bit ADC developed and presented in this work
satisfies all specifications and requirements for the envisioned application 1n the sub-
nanosecond time measurement system. However, as with most designs, some
improvements can be made to the ADC provided the opportunity.

Based upon the measured data, switching transients are believed to have been
generated 1n the reference circuitry which caused errors in the reference voltages and

significantly contributed to the linearity errors of the converter. These switching

165




transients and resulting reference voltage errors are most prominent at the center portion

of the resistor ladder, which are the highest impedance nodes. These transients can be
further minimized by several methods. One possible solution to minimize the effects of
switching transients 1n the reference generation network could be to modify the ADC
timing scheme. This ttmng modification would decrease the MSB comparator decision
time and allocate the time to a transient recovery period. This new timing methodology
would allow the transients in the reference generation network to settle out and the
reference voltages would recover before the OSB comparison process begins. Another
technique could be to implement a lower impedance resistive divider at the cost of
increased power dissipation for the same reference voltage. This would lower the
recovery tume constant of the switching transients and perhaps minimize reference
voltage generation errors. A third possible solution to minimize switching transients in
the reference generation circuitry could be to apply an additional reference voltage to the
middle tap of the resistive divider. This technique would also effectively lower the
overall impedance of the ladder especially at the muddle tap of the ladder, which should
reduce switching transients and possibly correct or eliminate any error 1n the reference
voltage at this node.

Another potential ADC design improvement could be to improve the resistor

matching 1n the reference generation circuitry to below the 1% resistor mismatch
specification. Integrated circuit layout techniques could possibly improve the resistor
matching 1n the reference generation circuitry. The contact resistance in the resistive

ladder varies widely and can degrade matching behavior. This is especially the case 1n
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converters featuring moderate to high-resolution in which low-valued resistors are used
to achueve a low 1mpedance reference generation network. To mmimize or eliminate this
problem, the resistor network should be arranged in which no resistor contacts are used 1n
the current path of the resistive divider. This technique has been reported to improve
resistor string matcfung in ADCs and should improve the resistor matching in the

reference generation network [36].
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