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Abstract  

Mobile devices and other portable electronics require fast and efficient battery charging to meet 

the growing energy demands of modern technology. Charging time is reduced with higher 

charging current, but the current is limited by allowable on-chip power losses specified by thermal 

constraints for small area integrated circuits (ICs). As compared to a single-cell battery system 

requiring a given charging time, a two-battery series-connected (2S) cell configuration increases 

the overall voltage and thus reduces the necessary charging current to achieve the same charging 

time. Today, commercially available 2S battery chargers on the market currently consist of multi-

chip solutions that manage charging, battery cell balancing, battery protection, and modulation 

control. Those chargers tend to be bulky because of multiple, independent ICs. In this work, a 

switched capacitor (SC) three-level boost converter is proposed as a single-chip integrated solution 

to provide simultaneous charging and active balancing for 2S battery topologies. The proposed 

charging circuit adopts the balancing functionality inherent to switched capacitor converter (SCC) 

techniques with two additional low-power transistors. Converter evaluation is performed across 

various input voltages, charging currents, and asymmetric battery voltages. The criteria for each 

operating scenario is a maximum on-chip loss of 1 W, 5-20 V range at the input, and up to 6.4 A 

charging current. State space modeling including converter parasitics developed for simulation 

analysis, and a hardware prototype built using GaN FETs enabled validation of the converter 

models. A proposed strategy for integration is also addressed as the converter’s charging and 

balancing capabilities are designed to meet or exceed the current market standard. 
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Chapter 1    
 

1.1 Introduction 

Mobile devices are a continually advancing technology. With each new phone or tablet released 

on the market, there are upgrades with the latest technologies and features ranging from more 

intelligent processors and better cameras to larger user screens. These mobile devices utilize 

batteries to supply the required energy for all its systems. The battery charging time in hours, tcharge, 

is 

𝑡!"#$%& =
𝑄
𝐼!"

, (1.1) 

where Q is the battery capacity in Ampere-hours and Ich is the charging current in Amperes. A 

battery’s energy capacity (Ecapacity), the total Watt-hours available until a battery is fully discharged 

is 

𝐸!#'#!()* = 𝑄 ∙ 𝑉+#) = 𝑡!"#$%& ∙ 𝐼!" ∙ 𝑉+#) , (1.2) 

where VBat is the battery voltage. 

Mobile battery charger designs must also account for the charging cable used to recharge the 

batteries. The modern USB Type-C interconnect charging cables offer a maximum of 3 A of 

charging current [1] to support higher power devices. Table 1.1 lists the universal series bus, (USB) 

power adapter (PD) 3.0 profiles with example power adapter levels. The input voltage ranges from 
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5 V to 20 V with a maximum current of 3 A. The power for this range of inputs is 15 W to 60 W. 

These inputs have a limitation on the maximum Ich that a charger achieves.   

 While increasing the charging current reduces tcharge, this also leads to increased conduction 

loss and degrades power efficiency. Power density suffers at high Ich since larger magnetics are 

required with sufficiently high current ratings. 2S batteries (2 batteries connected in series) 

decrease the Ich required for a comparable energy and tcharge  as single cell batteries of the same 

type by doubling the battery voltage. A list of modern commercial products for 2S high current 

battery charging systems is in Table 1.2. Batteries in a string requires battery balancing in addition 

to charging. 

For hand-held mobile devices, circuit area and volume are at a premium. An integrated circuit 

(IC) is fabricated with semiconductor fabrication technology. However, the current solution for 2S 

battery chargers requires multiple ICs to implement the entire system. For a battery charger 

compatible with a string of batteries, multiple circuit functions (each provided by a different IC) 

are needed. If each function requires a different IC, this large component count increases the 

solution size for a battery system. The Microsoft Surface Go (2018) 2S battery uses two QFN 

packaged ICs with the Texas Instruments (TI) BQ40Z50 (1-4S battery pack manager) and 

BQ25700A (buck-boost controller). The Apple iPad Pro (2017) 2S battery uses a TI TPS565158 

step-down converter with other IC products from other vendors. As a reference, the TI TPS565158 

step-down converter utilizes integrated MOSFETs with 26 mW (high-side) and 19 mW (low-side) 

on-resistances. The switching frequency ranges from 200 kHz to 1.6 MHz. 
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Table 1.1: USB Power Delivery 3.0 Profiles [1] 

Power Adapter Level 
(W) 

Permitted Adapter 
Configurations 

15 W 5 V @ 3 A   (15 W) 

27 W 5 V @ 3 A   (15 W) 
9 V @ 3 A   (27 W) 

45 W 5 V @ 3 A   (15 W) 
9 V @ 3 A   (27 W) 
15 V @ 3 A (45 W) 

60 W 5 V @ 3 A   (15 W) 
9 V @ 3 A   (27 W) 
15 V @ 3 A (45 W) 
20 V @ 3 A (60 W) 

 

 

Table 1.2: Commercial ICs for 2S High Current Battery Chargers 

Product 

Name 

Product Purpose Integrated 

FETs On Chip? 

Inductor 

Size 

Package & 

Size 

TI 

BQ40Z50 

1-4S battery pack manager No -- QFN 

4.0 x 4.0 mm 

TI 

BQ25700A 

Buck-boost controller No 1.0, 2.2   

or 3.3 μH 

WQFN 

4.0 x 4.0 mm 

TI 

TPS565158 

4.5V to 17V input, 6A 

synchronous step-down 

SWIFT™ converter	

Yes 3.3 μH 

(Coilcraft 

MSS1048) 

VQFN 

3.5 x 3.5 mm 

TI 

BQ25713 

1-4S charger, 3.5-24 Vin 

6.4A max, 96% peak efficiency 

 (9-to-7.4V) 

No 1.0 or 2.2 

μH 

WQFN 

4.0 x 4.0 mm 

TI 

BQ29200 

Protection and balancing No -- VSON 

3.0 x 3.0 mm 
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While the TI BQ25713 provides 6.4 A of charging current at high efficiency, the system using 

this IC has a large footprint since it requires both passives and transistors external to the chip. To 

combine the function of the BQ25713 IC charger with battery balancing, a separate IC like the TI 

BQ29200 is required. The BQ29200 provides a low-cost balancing solution and 15 mA of balance 

current. While it may be low-cost, the shunt dissipative balancing this chip utilizes reduces the 

battery charger efficiency of any 2S system that uses it. Chapter 2 investigates battery balancing 

and explains why it is an important function for a string of batteries.  

For ICs, keeping the temperature rise at allowable levels is an important consideration. Each 

IC charger has a thermal limit related to the on-chip power loss. Junction to air thermal resistance, 

qJA, specifies how well the package-die dissipates heat (from power loss) from the surface of the 

part to ambient air from all possible paths on-chip. With temperatures TJ  for the die and TA for the 

ambient air, qJA for a chip is  

𝜃,- =
𝑇, − 𝑇-
𝑃.

. (1.3) 

From this equation, the maximum allowable on-chip loss PD (power dissipation) that keeps the 

die below a particular temperature is calculated. Current products such as the BQ25713 have a qJA 

of 37.2 °C/W [2], and other IC chargers offer comparable values. If the power dissipation is 

restricted to a maximum temperature rise of 40°C, the PD would be limited to 1 W to limit heating 

during charging. While thermal characteristics of larger chips handle more loss, IC chips larger 

than the BQ25713 increase the solution size for a system. Discrete power transistors also provide 

better heat dissipation, but the external footprints of the discrete power transistors would be too 

large for handheld mobile devices. 
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1.2 Summary  

2S battery systems provide fast charging times without needing to operate at as high of charging 

current compared to single battery configurations. However,  2S batteries need additional circuitry 

for balancing of the battery cells. Integrating both the charging and balancing functions on a single 

IC would decrease the solution size for the battery system. Keeping in mind the maximum on-chip 

loss limited to 1 W based on temperature rise associated with qJA, a converter topology that 

provides charging and balancing without a large component count offers a potential benefit in 

performance and power density. The following chapters address the a single chip solution by 

exploring balancing techniques and different topologies that are used for efficient battery charging. 
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Chapter 2 Literature Review 
 
There is a potential benefit to integrating both a battery charger and balancing functionality onto a 

single chip, so existing charging and balancing strategies are considered to explore a solution for 

this integration. Battery models are also reviewed to understand why balancing is necessary for a 

string of batteries and how they interact in a charging process. The overarching goal is to find 

topologies with commonalities to see if integrating the two together is possible. A background of 

semiconductor fabrication for ICs is also given to size transistor parasitics in terms of device area. 

Finally, a background of GaN devices is included to provide insight into its use in the discrete 

hardware prototype.  

2.1 Battery Model 

Before the topic of battery balancing is introduced, a review of the metrics used to determine a 

battery’s energy and health is explored. The 2S load for a charger has two batteries, each with an 

equivalent model. Accounting for battery behavior is necessary because it affects the charging and 

balancing process. 

2.1.1 Battery Energy Metrics 

One of the most common battery metrics to evaluate the energy in a battery is the state of charge 

(SOC),  the level of charge relative to its capacity. It is necessary to understand the battery capacity 
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because a battery’s voltage potential changes depending on its SOC. SOC is measured across time 

in percentage points (with 100% SOC representing a battery with full capacity) [3] by  

𝑆𝑂𝐶(𝑡) = 	
𝑄(𝑡)
𝑄/01

∙ 100, (2.1) 

where Q(t) is the remaining charge at any time, t. Qnom is the nominal battery capacity. 

Two common types of SOC estimation are Open Circuit Voltage (OCV) method [4] and the 

Coulomb Counting (CC) method (also known as Ampere-Hour Balancing Method) [5]. OCV 

methods use voltage measurements of battery cells and compare the voltages to a known data table 

for that battery type. SOC tables are commonly available for a battery where each SOC value 

corresponds to voltage level. Battery voltage, however, varies with battery health and charging 

current, so OCV does not always report an accurate value. Because of the flat region of the OCV 

curves in the mid-region, any OCV method errors may lead to a large divergence away from the 

accurate SOC corresponding to a battery voltage value [4]. An example of a Li-ion battery and its 

SOC curve is provided for a LIR18650 2600 mAh battery from EEMB. The SOC curve is shown 

for a range of C-rates in Figure 2.1 [6]. A C-rate measures the rate a battery is charged or 

discharged compared to its capacity. Starting at full capacity, battery voltage quickly drops during 

the initial charging process. However, the batter voltage curve has a smaller slope during the 

middle capacity levels before a sharp decline near battery capacity depletion. 

The CC method is also common for battery balancing calculations [4]. This method solves for 

SOC using initial values of SOC at the initial time, t0, where 

𝑆𝑂𝐶(𝑡) 	= 	𝑆𝑂𝐶(𝑡2) 	+
1
𝑄/

∙ 9 𝐼+#))&$*
)!3)

)!
∙ 100. (2.2) 

The SOC initial value usually requires an assumption of the state of the battery, so error is 

introduced into the method. The CC method also incurs accumulation errors across longer time 
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periods of measurements. In order to gain a more accurate estimate of a battery’s energy, state of 

health (SOH) is a more useful metric. SOH is determined in equation (2.3) where 

𝑆𝑂𝐻(𝑡) 	= 	
𝑄1#4(𝑡)
𝑄$#)&5

∙ 100. (2.3) 

Qmax is the maximum capacity of the battery, and Qrated is the rated battery capacity. SOH, the 

measurement of the battery’s ability to provide and store power during recharge, is also measured 

in percentage points with 100 % denoting a battery at full health. The Depth of discharge (DoD) 

[7], the percentage of capacity that has been discharged Qreleased compared to Qrated, is  

𝐷𝑂𝐷(𝑡) 	= 	
𝑄$&6&#7&5(𝑡)
𝑄$#)&5

∙ 100. (2.4) 

SOC is estimated from SOH using equation (2.5) [8] where 

𝑆𝑂𝐶(𝑡) = 	𝑆𝑂𝐻(𝑡) − 𝐷𝑂𝐷(𝑡). (2.5) 

The Kalman Filter is an algorithm that is used to evaluate estimations for SOH as well as SOC [9]. 

SOH is assumed 100 % for a new battery.  

 

 

 

Figure 2.1: LIR18650 2600mAh SOC curve [6]. 
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2.1.2 Specific Charge Profile for Batteries 

Now that the metrics for battery energy and health have been introduced, the equivalent model of 

a battery is explored. The prominent type of battery used for mobile products are Lithium-Ion 

batteries. As Apple states, Li-ion batteries are “inside every iPhone, iPad, iPod, Apple Watch, 

MacBook, and Air Pods [10].” These rechargeable batteries universally weigh and cost less, and 

they offer better overall charging performance than other batteries such as Nickel Metal Hydride 

(NiMH) and Nickel-Cadmium (NiCd) [11]. The tradeoff with Li-ion batteries is the increased 

sensitivity to charge, temperature, and current exceeding safe values. A specific charge profile [12] 

[13] is employed to describe of the sensitive nature of the battery charging process. This profile 

adheres to three different intervals determined by the battery voltage, VBat, and its relationship to 

the threshold voltage, Vthes, and the regulation voltage, Vreg. Battery systems are designed to never 

reach full discharge, so the pre-charge interval I does not occur. The maximum charge and 

discharge current for a Li-ion battery is 1 C, but the modern battery for portable products allows 

even higher constant charging currents and charging speeds because of the advancements in 

increased battery ion mobility [14]. Table 2.1 describes each interval of the charging process. 

Figure 2.2 shows the profile for the voltage and current respectively.  
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Table 2.1: Specific charge profile for lithium ion batteries 

Charge 

Interval 

Interval Name Battery Voltage Current Behavior 

I Pre-charge VBat < Vthes A small current Ipre-ch is used to charge the 

batteries 

II Constant 

Current 

Vthes < VBat < Vreg	 The battery current holds constant at the 

charging current Ich. 

II Constant 

Voltage 

VBat = Vreg	 As the constant voltage interval is engaged, 

the current decreases non-linearly across time. 

 

 

 

 

 

 

 

Figure 2.2: Specific charging profile for Li-ion batteries [12] [13]. 
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2.1.3 Battery Equivalent Model 

Each battery has an equivalent series resistance (ESR). The value of ESR changes depending on 

operating frequency and temperature. The datasheet for a battery provides estimates for a battery 

ESR. The ESR is a major reason the terminal voltage of a battery differs from than the OCV, and 

ESR increases over time as a battery cell SOH declines. While there is some thought that large 

current ripples age batteries more quickly (thus affecting ESR), temperature has a larger impact on 

battery ageing [15], [16]. However, larger current ripples increase conduction loss and therefore 

battery temperature as well. 

An example model for battery is shown in Figure 2.3 and contains resistance, capacitance, and 

inductances in separate parallel branches. The parallel branches with RC networks define diffusion 

time constants modeling ion movement in the battery (the example in Figure 2.3 shows two 

branches for two diffusion time constants). The top branch contains the battery ESR in series with 

a parasitic inductance. BATP represents the positive node of the battery, and V0 represents the 

negative node. Depending on the frequency range for battery operation, the model can be 

simplified to a single ESR resistance for faster transient simulation runtime. To simulate the battery 

model, a LTspice simulation is performed that utilizes the known SOC values of a 4.2 V battery. 

The model is built into the sub-circuit denoted X1 in Figure 2.3. The battery is discharged at 1 C 

with an initial SOC of 100 %. The results are in Figure 2.4 and show the resulting battery voltage 

throughout the discharge process across time. The results are comparable to most SOC curves like 

the example shown in Figure 2.1. 
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Figure 2.3: Circuit model of a battery. 

 

 
 
 
 
 

 

Figure 2.4: Simulated results of the battery discharge the resulting battery voltage. 
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2.2 Battery Balancing Techniques 

Battery balancing serves a critical role in prolonging the life of a string of a batteries. Section 2.2 

details why balancing is important and what types of balancing techniques exist to solve this issue. 

2.2.1 Battery Balancing 

There are inherent inconsistencies among identical batteries owning to the nature of the 

manufacturing process. These inconsistencies lead to varying internal impedances and discharging 

rates. Additionally, each battery is exposed to diverse environmental conditions like ambient 

temperatures [17], [18].  As a string of batteries cycle between the charge and discharge process, 

balancing the batteries to a common metric yields longer battery life and greater power capability 

[19]. Balancing also helps prevent overcharge (and discharge) and also saves energy because cell 

balancing ensures the efficient utilization of all energy throughout each battery cell in series  [20]. 

Essentially, balanced batteries can provide energy for a longer duration of time before being 

replaced. A string of batteries like the 2S battery configuration needs balancing to provide its full 

energy capacity. If batteries work longer and more efficiently, this reduces replacement expense.  

Figure 2.5 displays three stages of batteries labeled A, B, and C. Battery 2 (the bottom of the 

2S configuration in all three stages) charges/discharges at a different rate than Battery 1. In stage 

B, current flow stops when Battery 2 is fully discharged even though there is energy remaining in 

Battery 1. In stage C, loss of energy occurs as Battery 1 reaches its Qmax first because it started 

charging with a non-zero capacity. When Battery 1 is fully charged, the charging process stops 

even though Battery 2 is not fully charged itself. Over time, this imbalance decreases charging 

effectiveness because the battery system has less available energy than it did before discharging.  
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Figure 2.5: Demonstration of battery imbalance leading to lost energy for a 2S battery cell. 

 
 

There are two distinct categories of battery balancing, passive and active, to prevent battery 

charging imbalance. Imbalance limits the available capacity of a string of batteries to its weakest 

cell. Passive balancing usually involves the dissipation of energy across a resistor. Here the battery 

with more energy dissipates its extra energy until the balancing metric used (such as SOC or SOH) 

is the same for both batteries [21]. However, it leads to higher power loss. Because each IC handles 

a limited amount of heat dissipation resulting from the PD, it is not a suitable choice for integrated 

battery balancing.  

Active balancing extends battery life by intelligently redistributing charge of the batteries in a 

multi-cell system with a sensed battery metric during either the charge or discharge process [19]. 

This non-dissipative balancing achieves faster balancing and more efficient battery charging. 

When SOH is the metric used for active balancing, this also increases battery lifetime by mitigating 

effects of differential aging between each battery. Some active balancing techniques require more 

precise control to initiate balancing which increases the required system complexity. While active 
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balancing requires a higher cost for additional control circuitry, this is possibly offset by the 

functional integration of combining the balancer and charger onto a single chip. To further 

investigate, topologies for active balancing are explored next. 

 

2.2.2 Balancing Circuit Topologies 

An active balancing module may be realized through several types of topologies. A half-bridge 

resonant circuit with continuous control [22] [23] equalizes cell voltage. Resonant converters time 

the switching transistors at zero current switching (ZCS) or zero voltage switching (ZVS) to 

decrease switching loss thus improving efficiency in many implementations [24] [25] [26]. Figure 

2.6 shows Eov, the overlap energy, lost in switching transitions due to the overlap of non-zero Vds, 

the drain to source voltage of a MOSFET, and non-zero iD, the drain current. ZVS and ZCS are 

soft switching techniques enabled by the controlled resonant behavior of resonant circuits. 

This behavior is achieved through inductor and capacitor networks varying the current and 

voltage waveforms sinusoidally during a specified sub-circuit of a switching system [27]. A 

disadvantage of this type of converter is that voltage on the resonant elements are up to four times 

as large as the supply and thus the transistors require high blocking voltage. Devices rated with 

higher blocking voltages have higher figure of merit (FOM) which is calculated as 

𝐹𝑂𝑀 =	𝑟57,0/ ∙ 𝑄%, (2.6) 

where rds,on (or ron) is the drain-to-source resistance when a MOSFET is turned ON with an applied 

Vgs and Qg is the gate charge. Transistors with higher FOM lead to more power loss because of the 

larger parasitics present in the device. For high current applications like battery chargers, 

conduction loss is one of the dominant sources of loss, so lower FOM can yield lower ron values 

(for the same Qg as a higher FOM device) which lowers conduction loss. 
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Figure 2.6: Hard switching loss. 

 

Other active balancing techniques incorporate a transformer as the energy transfer component. 

There are various ways to implement the transformer for active balancing such as multi-winding 

or switched transformers [24]. There is ongoing research into the size reduction of transformers 

like reducing the required windings for cell equalization [28]. The transformers tend to be a larger 

magnetic components. Typically, balancing with transformers is more applicable in hybrid electric 

vehicles [29], and transformers in general are expensive so efforts are made to reduce the cost of 

implementation [30]. 

Another common type of circuit used for active balancing is the switched capacitor converter 

(SCC) [31] [32] [33]. A basic topology for a ladder-type SCC converter is shown in Figure 2.7. 

The switched capacitor converter utilizes a flying capacitor to redistribute charge, and it is 
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commonly used for cell voltage equalization. No magnetic components are required for the SCC. 

The modulation for the SCC (shown in a three-level configuration in Figure 2.7) has two signals 

g1 and g2 that are complementary. Over one period, g1 turns ON for half the period. As g1 turns off, 

g2 turns ON for an equal duration as g1 to complete the period. This mechanism of switching 

equalizes the battery voltage of Vcell1 and Vcell2 without any prior detection of battery voltage. The 

cell voltages are 

𝑉!&669 = 𝑉+#)9 + 𝐸𝑆𝑅1	 ∙ 𝐼0:) , (2.7) 

and 

𝑉!&66; = 𝑉+#); + 𝐸𝑆𝑅2 ∙ 𝐼0:) . (2.8) 

where Iout is the output current, ESR1 is the ESR for Battery 1, and ESR2 is the ESR for Battery 2. 

Essentially no control is needed. A trade-off for this type of converter is longer balancing times 

required to equalize cell voltage [23]. If the voltage drop across the battery ESR is negligible, then 

the battery cell voltage, Vcell, is equal to VBat. 

 

 

 
Figure 2.7: Switched capacitor converter (SCC) [31, 20] [32] [33]. 
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More benefits of the SCC include simultaneous balancing with the charging process, no 

disturbing of battery protection circuitry, and ceasing the consumption of additional energy after 

the cells have balanced [34]. The conclusion of [34] which tested a string of six batteries states the 

balancing for these batteries took place in a reasonable amount of time and much faster than 

passive balancing strategies, but the balance time may not be as fast as other balancing topologies. 

While SCC balances any number of cells, each added cell requires more circuity. Every n cells in 

a series string needs 2n switches and n-1 flying capacitors. Therefore, the conversion ratio is 

limited to the topology structure. Longer strings add complexity in terms of providing the power 

for each non-ground referenced gate driver, and there reaches a point where power loss through 

the ESR of a large number of capacitors becomes significant. Each transistor only needs to block 

half of the cell voltage, so lower voltage rated devices are used. This decreases the FOM of the 

MOSFETs utilized. 

SCC have an output resistance Reff determined by the frequency of operation. The boundary 

condition is fcrit, the critical frequency for an SCC. At the slow switching limit (SSL) where the 

frequency is below fcrit, Reff depends on the charging and discharging of the flying capacitor. The 

other region, the fast switching limit (FSL) , has a Reff dominated by the ESR of the flying capacitor 

and the drain-to-source resistance of the transistors [35]. In FSL, Reff is not dependent on frequency. 

 

2.3 Battery Charger Topologies 

DC-DC switching converters are examined in the next sections for their abilities to handle a large 

input range and achieve high efficiency. DC-DC switching converters are chosen over linear 

converters (that use a pass transistor to drop the input to a specified output voltage) because of 
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these traits (input voltage range and higher power efficiency) despite involving more circuit 

complexity. 

2.3.1 Buck Converter 

In conventional two-level converters such as the boost and buck that are implemented for high-

current applications, transistors with small FOM are selected to reduce loss. Only two transistors 

are required, and each is chosen with a VBR, the MOSFET breakdown voltage, that handles the full 

drain-to-source voltage plus a safety factor. Figure 2.8 shows the topology of a conventional two-

level buck converter. Switching loss increases at high frequency, so the efficiency and power 

density is related to the available transistors to a designer and the operation required for the 

converter. As frequency increases, the conduction loss increases with regards to the current ripple 

on the inductor. The conversion ratio M(D) for a buck converter is 

𝑀(𝐷<:!=) = 	
𝑉0:)
𝑉(/

= 𝐷<:!= , (2.9) 

where Dbuck is the duty cycle for the converter. 

 

 

 

 

Figure 2.8: Two-level buck converter. 
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A buck converter implemented in an integrated application fabricated with a standard 

complimentary metal-oxide semiconductor (CMOS) technology is shown in [36] with its layout 

in Figure 2.9. The IC includes all of the converter circuitry and control, but the output current is 

limited to 400 mA and the output voltage to 1 V at a maximum efficiency of 53 %. Typically fully-

integrated converters incorporating buck and standard CMOS fabrication have limited output 

capabilities because the value of the integrated inductances and capacitances are lower than larger 

discrete counterparts. It is difficult to make high quality factor, Qf, integrated inductors because of 

the high resistivity (mΩ/square) of the metal layers making the inductor DC resistance as high as 

250 mΩ/nH [37]. High current applications require external discrete energy components unless a 

new inductor fabrication technique is designed. Including a boost stage at the output of a buck 

would allow a converter to fully utilize the available inputs for USB 3.0 PD which has input 

voltages that are greater than the battery voltage. 

 

 

 

Figure 2.9: Layout of fully-integrated buck converter with integrated inductors L1 and L2 in [36]. 
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2.3.2 Resonant Switched Capacitor Converter 

The resonant switched capacitor converter (ReSCC) includes an inductor in series with the flying 

capacitor in SCC topology [38] [39]. The topology of the 3X Dickson ReSCC with an indirect 

resonant core operates above resonance in [39]. One of the main advantages occurs at the SSL 

where the charge sharing losses (caused by voltage mismatch) and Reff are reduced to a minimum. 

In [40], ReSCC converters accomplish a minimum Reff comparable to SCC but at lower 

frequencies. The work in [40] compares direct and indirect ReSCC topologies with SCC converters 

and incorporated air-core solenoid inductors of a few nanohenries. Efficiency less than 86 % is 

achieved at 3.35 W and an output current of 1.2 A, and the fabrication of the IC used a 0.18-μm 

bulk CMOS process. ReSCC direct and indirect implementations are shown in Figure 2.10 [40]. 

Direct topologies connect the resonant inductor permanently to the output which helps reduce 

inductor frequency content. 

 

 

 

Figure 2.10: Indirect (a) and direct (b) ReSCC topologies [40]. 
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While ReSSC also minimizes the size of the passive components, the converter experiences 

high peak stresses and limited voltage regulation. Other disadvantages for the ReSSC are the same 

ones mentioned in Section 2.2.2 like the voltage conversion ratio being limited by the converter 

structure. This work needs to provide a converter that can operate with a wide range of inputs 

based on USB 3.0 PD input specifications. High peak stresses are also a concern for IC designs, 

especially for small area mobile applications, because only a limited area is available for 

magnetics. Small-scale inductors have smaller saturation currents, so the inductor saturates at high 

peak stress intervals leading to large ripple, less energy storage in the component, and more loss. 

Additionally, higher rms currents lead to more conduction loss, so small inductors of only a few 

nanohenries like the air-core inductors mentioned may not be conducive to high power efficiency. 

2.3.3 Flying Capacitor Multilevel Converters 

The topology of a flying capacitor multilevel converter (FCMC) bears a resemblance to the 

previously described SCC but includes an inductor at either the input or output. Regulation of the 

output voltage in FCMC is possible through the control of the duty cycle. If the FCMC provides 

fast charging at high efficiency, the converter is possibly an option for integrating with a balancing 

circuit like the SCC to meet the goal of creating a single IC with both charging and battery 

balancing capabilities. 
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Figure 2.11: Three level FCMC buck converter [41] [42] [43]. 

 
 
 
 

A FCMC utilizes a flying capacitor and two additional transistors as compared to the 

convention two-level converter. In Figure 2.11 a FCMC three-level buck [41] [42] [43] is shown 

that achieves the same functionality and conversion ratio as the two-level buck converter. The 

modulation for the three-level topology is shown in Figure 2.12 which consists of  two 

complementary pairs of signals.. Each of the four transistors in the three-level converter have a 

lower FOM than the ones in the two-level buck because each FET needs to block half of the input 

voltage. This is a promising result that not only facilitates increased converter efficiency but allows 

better integration of transistors based on the relationship between area and device parasitics 

discussed in Section 2.4.4. Both Q1 and Q2 operate with an ON-duration of Dbuck∙Ts, but Q2 is 

phased-shifted half a period.  
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Figure 2.12: FCMC modulation for a three-level buck. 

 

By placing the inductor at the input, the FCMC becomes a three-level boost [44] [45] [46]. The 

same functionality is achieved as a two-level boost converter, but the four transistors of a FCMC 

three-level boost are sized to half of the output voltage as opposed to the full output voltage in the 

two-level case. Figure 2.13 depicts a three-level boost converter. Both g1 and g2 operate with an 

ON-duration of (1-Dboost)∙Ts. The conversion ratio for the boost is  

𝑀(𝐷<007)) = 	
𝑉0:)
𝑉(/

=
1

1 − 𝐷<007)
. (2.10) 

Another advantage of the FCMC is that smaller magnetics achieve the same current ripple as a 

two-level version [47] [48]. The maximum current ripple (for a given frequency and inductance) 

is determined by solving for the inductor current with a given charging current Iout and boost duty 

cycle Dboost. The maximum current ripple point occurs for a Dboost of both 25 % and 75 % according 

to behavior of the three-level boost as seen in [49] and Figure 2.14 where TL is the charging time 

of the inductor and VL is the inductor voltage. The inductor current ripple is defined as half of the 

peak-to-peak current value through the switching period. 
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Figure 2.13: Three-level boost converter. 

 
 
 
 

 

Figure 2.14: Maximum current ripple vs duty cycle [49]. 
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As [49] indicates, the conventional two-level boost converter has a minimum inductance 

required for the maximum current ripple for a Dboost of 50 % of 

𝐿;>?&@&61(/ = 𝑉?𝑇?
1

2D𝑖?
=	
𝑉0:)
2
𝑇7
2

1
2D𝑖?

=
𝑉0:)𝑇7
8D𝑖?

. (2.11) 

At Dboost = 50 % for the conventional boost, the VL is half of the output voltage and the TL is 

half of the switching period. For the three-level flying capacitor boost converter (FCBC), the 

minimum inductance at the maximum ripple point is 

𝐿A>?&@&61(/ = 𝑉?𝑇?
1

2D𝑖?
=	
𝑉0:)
4
𝑇7
4

1
2D𝑖?

=
𝑉0:)𝑇7
32D𝑖?

, (2.12) 

where VL is a quarter of the output voltage and TL is a quarter of the switching period. A fourth of 

the inductance is needed for the three-level converter as compared to the two-level. 

While the three-level converter operates with a smaller inductor, the other passive component, 

the flying capacitor (Cfly), can also be sized to a minimum value. Finding the minimum Cfly allows 

for better power density needed in mobile applications. A study in [48] based on the maximum 

voltage each transistor can handle for a three-level boost solves for the minimum flying 

capacitance where 

𝐶B6*,1(/ =
𝑃(/ ∙ 𝐷<007)

H2𝑉!B*,1#4 − 𝑉0:)I ∙ 𝑉(/ ∙ 𝑓7
. (2.13) 

Later sections will address additional benefits of sizing Cfly to a minimum. 

2.3.4 Integrated Charger-Balancer Solution 

While there exists modern commercial products listed in Table 1.2 that provide balancing or 

charging capabilities, the goal of this work is to integrate a charger topology onto a single IC with 

balancing functionality. The IC must handle high current at high efficiency to allow fast charging 

times without exceeded the thermal constrains of the chip. The TI BQ25887 [50] is a boost-mode 
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charger with balancing for 2S configurations that has over 93.4 % using a 5 V adapter. VQFN 

package of 4.00 mm by 4.00 mm is used for this IC. However, the BQ25887 charges with 1 A 

current at an efficiency of 93.4 %. The maximum charging current is 2 A but at lower efficiency. 

The input voltage range is limited between 3.9 V and 6.2 V, and over this range the maximum 

balance current is 400 mA. In [51], a multi-secondary winding transformer balancing circuit is 

designed for a string of Li-ion batteries in electric vehicles. The controlled passive balancing uses 

shunt resistors, but the conclusion of this work states that high losses occur if there is a large initial 

voltage difference between batteries. As previously stated, passive balancing with shunt 

dissipation can yield higher losses. Additionally, the topology is not applicable for mobile circuit 

integration because the winding transformer’s large size. While it has been shown in this section 

that there exists topologies that both balance and charge 2S batteries and even at the integrated 

level, a charger that still utilizes high charging current and efficient balancing needs to be 

addressed. 

2.4 Integrated Power Converters 

For the battery charger design, the eventual goal is to integrate the transistors onto an IC for mobile 

applications. Integrated transistors involve additional parameters in converter design as compared 

to its discrete counterparts. An overview of these integrated transistors, specifically those for high 

power applications that are used in this battery charger design, is detailed. 

2.4.1 Overview of Integrated Transistors 

The integration of power converters on an IC provides challenges. Energy storage components 

have much smaller capacitances and inductances that are integratable on-chip because of 
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technology limitations as discussed in Section 2.3.1. While there is research to improve the 

magnetics of small-scale IC components [52] [53], the charger examined in this paper only 

explores the integration of transistors on-chip with external connections to the capacitors and 

inductors as needed. Loss models for transistor parasitics in integrated power converters include 

an additional design parameter compared to traditional discrete models. With small areas available 

to design, the transistor’s parasitic parameters used in the loss analysis are characterized in terms 

of per area or per width parameters [54]. The area of a transistor is characterized in terms of the 

transistor’s gate channel width, W, and channel length, Lg. The area, A, of the device is 

characterized by 

𝐴	 = 𝑊 ∙ 𝐿%. (2.14) 

Semiconductors are fabricated on raw Silicon wafers by doping. Donor regions are called n-

type, and acceptor regions are called p-type. Devices that are n-channel are fabricated on a p-type 

wafer by doping a Silicon wafer with n-type donor atoms. In general, holes are more strongly 

coupled to an atom’s nucleus, thus electron mobility is greater than hole mobility [55]. For the 

semiconductor fabrication process, the active layers determine the openings in the oxide. Active 

layers are then doped to either a p or n-type. For example, a n-well process has p-substrate and 

heavily doped n region (the n-well). NMOS (n-channel MOS) has n+ regions (the drain or source) 

of a device that lay in the p-substrate. PMOS (p-channel MOS) has p+ regions that lay in the n-

well.  In general, the quality of a NMOS in a p-well process is not as good as the quality of a n-

well process. The gate is created with polysilicon (poly) that is made of tiny crystalline regions of 

Silicon. Gate poly is highly resistive, so silicide is used to reduce its overall resistance.  

The movement of carriers in a semiconductor happens through either drift and diffusion [56]. 

The drift current is the uniform movement of carriers in one direction in response to an electric 
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field. Diffusion current in semiconductors is the movement of carriers from high concentration to 

lower as a result of entropy. This is the type of current transfer that takes place across a pn junction. 

A pn junction also has a junction capacitance (depletion capacitance) that is a function of the 

applied voltage. A depletion region forms within the pn junction because of the diffusion currents 

producing excess minority carriers on other side of the junction and creates this capacitance [55]. 

2.4.2 Semiconductor Fabrication Technology 

For a given semiconductor fabrication technology node (that specifies a minimum Lg for the 

channel), there is a maximum supply voltage VDD for the process. As semiconductor technology 

continues to scale to smaller channel lengths, VDD has scaled down accordingly [55]. Figure 2.15 

shows the VDD for a few technology nodes [57]. There are many advantages for scaling to a smaller 

technology node as each device for a respective node takes up less area leading to increased circuit 

density, and there is less power required because VDD is smaller [56]. However, for power 

electronics, the maximum VDD for digital circuits is often too small for high power applications to 

use the MOSFETs available in a technology node. For the battery charger in this work, a device 

that withstands a higher Vds is required. Modern IC technology limits the choice of transistor to 

only lateral devices (where the dominant flow of current is directed horizontally). Vertical devices 

conventionally used in power electronics handles higher blocking voltages and current ratings [58], 

but they do not lend themselves to integration with other circuits on the same substrate.  
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Figure 2.15: Characteristics of various technology nodes [57]. 

 

IC Process Design Kits (PDK) for computer aided design, (CAD), tools are given for a 

technology node. Because ron increases with Lg, minimizing Lg can decrease conduction loss for a 

design. However, choosing the minimum Lg for a technology process presents challenges when 

this equivalent Lg is shorter than 1 µm. Design parameters are less straightforward with short 

channel effects than the long channel processes (Lg > 1 µm), and the approximations allowing 

simplified characterization for long channel devices is not an option for short channel ones [56]. 

Because of this, designers that use technology nodes with minimum channel lengths less than 1 

µm often size the Lg at four to five times the minimum length for analog design. The resulting 

equivalent length of the transistor allows the device to be characterized without short channel 

effects. While this is especially important for analog circuit designers, the power transistors 

available in CMOS processes often offer a fixed Lg per device. 

2.4.3 LDMOS  

With only lateral devices available, a common selection of a MOS device that achieves higher 

blocking voltages than other MOS structures is an LDMOS (laterally double-diffused MOSFET). 

LDMOS is useful in many integrated power electronic applications [59] [60] [61]. It is one of the 

most prominent choices for integrated high power transistors because existing semiconductor 
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technologies can fabricate this device on ICs [62]. These devices include short, heavily doped 

backgates and long, lightly doped drift regions [55] for the drain structure that are suitable for the 

high-voltage application. Because the increased length and low doping of the drift region increases 

drain resistance, design advancements for LDMOS and its planar pn junction have optimized how 

long the drift region needs to display the tradeoffs of cost (increased area), low drain resistance, 

and high breakdown voltage [63] [64] [65]. A structure for LDMOS is in Figure 2.16. 

The source and drain contacts are n+ active layers that prevent the formation of a Schottky 

diode at the metal-to-n junction. It is common to find nLDMOS structures with a butted source 

that includes the body contact. The p-body layer, also referred to as high voltage p-body (HVPB), 

under the source is selective p-type (p-type implanted region). The p-body is tied directly to the 

bulk (body) to eliminate the body effect [56]. The inversion channel underneath the gate is formed 

in this layer with an applied Vgs. Once the inversion layer is created, current flows from the n+ 

source to the high voltage n-well (HVNW), which is an n-type EPI layer (named EPI by its 

formation through epitaxial growth). This lightly doped layer is essentially a resistor in series with 

the drain, and it allows the channel to withstand higher blocking voltages. The addition of this 

longer and lightly doped n- drift region absorbs the depletion layer of the reverse-biased junction 

formed from the p-body and itself.  Finally the current proceeds to flow into the heavily doped n-

type drain drift region (NDD) layer which surrounds the n+ drain. Sometimes there is an additional 

layer called SH_N which has a higher doping level than NDD that is placed beneath it. This 

essentially decreases the drift region resistance. 
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Figure 2.16: Conventional nLDMOS cross-section. 

 

The n+ buried layer (NBL) increases isolation capability. This isolation tub prevents the punch 

through effect [66] that occurs with lower doped drift regions and reduces resistivity because of 

the n+ layer. This NBL contact ring is tied to the maximum voltage node to ensure the parasitic 

diode formed from the p-substrate to the NBL region as seen in Figure 2.16 never turns-on. The 

body contact is p+. A deep p-well (DPW) is added with the NBL ring to isolate the bulk if the bulk 

is not referenced to ground. If an additional p+ isolation ring (not shown Figure) is needed, this 

ring is tied to the lowest potential voltage node. 

2.4.4 IC Transistor Parasitics In Terms of Area 

The LDMOS parasitics considered are on-resistance ron (rds,on) for conduction loss, output 

capacitance Coss for switching loss, Qsw for switching loss, and Qg for gate charge loss (see Table 

2.2). Specific values for each of these parasitic parameters are calculated using the test circuits 

shown in Figure 2.17 so that parasitics described above are determined for a given area.  
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Table 2.2: MOSFET Parasitic Parameters 

Parasitic  Value Description Units 

Rsp ron∙ 𝐴 On-resistance per unit area W ∙	mm2 

Coss,sp Coss/𝐴 Output capacitance per unit area F/ mm2 

Qg,sp Qg/𝐴 Total gate charge per unit area C/ mm2 

Qsw,sp Qsw/𝐴 Switching charge per unit area C/ mm2 

 

 

 

 

Figure 2.17: Test circuits for parasitic parameter extraction [11]. 



 
 

 34  

Simulation tools in Cadence are used to determine the device parameters for the available devices. 

The three regions of operation for a MOSFET in terms of changes to Vgs in this analysis are shown 

in Table 2.3. For the on-resistance of a MOS device, the linear (ohmic) region is evaluated. The 

test circuit provides a small DC bias to emulate VDS (the magnitude here needs to establish the 

device operation in the linear region) and a VGS is applied so the transistor is fully turned ON 

(sufficiently above the threshold voltage Vth). The on-resistance in the linear region (determined 

through the W/ Lg ratio) is 

𝑟0/ 	= 	
9

="C#$ DEF%&>	F'(H
, (2.15)

where Vth is the threshold voltage. The constant k’ is equal to µnC’ox for n-channel devices. The 

electron mobility µn is typically 250µA/V2. C’ox is the capacitance of the gate oxide and equal to 

𝐶04I =	
𝜀04
𝑡04

=	
𝜀0𝜀$
𝑡04

, (2.16) 

where 𝜀ox is the permittivity of the oxide, 𝜀0 is the permittivity of the free space, 𝜀r is the relative 

permittivity for a dielectric, and tox is the thickness of the oxide. The thickness of the oxide tox is 

dependent on the technology node. Because these values are dependent on the process, the IC 

designer cannot change these parameters. 

 

 

Table 2.3: Regions of Operation for a MOSFET 

Region of Operation Value of Gate-to-Source Voltage 

Cutoff 𝑉%7 ≤	𝑉)" 

Linear (Triode / Ohmic) 𝑉%7 	> 𝑉)" , 			𝑉57 ≤	𝑉%7 − 𝑉)"	

Saturation 𝑉%7 	> 𝑉)" , 			𝑉57 >	𝑉%7 − 𝑉)"	
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If the MOSFET Vds voltage is increased to the point past the pinch-off locus where the device 

operates in the saturation region as seen in the I-V curve in Figure 2.18., the drain current id no 

longer increases linearly with increasing Vds as is the case in the linear region. While saturation 

operation may allow the device to operate as a current source controlled by Vgs, this region would 

not be ideal for a transistor acting as a switch due to a much higher ron. A device with larger W has 

a smaller ron, and this is particularly important for charging circuits with high current applications 

to decrease conduction loss. Finally, for a given active area A, the specific on-resistance Rsp is 

evaluated and equivalent to 

𝑅7' 	= 	 𝑟0/ ∙ 𝐴. (2.17) 

 For the test circuit evaluated in Figure 2.17(a), the area given to the transistor is used in 

simulation. Because Rsp varies with device area and aspect ratio (gate width divided by gate 

length), it is important to choose area for the test circuits close to the area used in the circuit design. 

One value of Rsp is accurate for a range of up to two to three times the device area and aspect ratio 

[55]. This is attributable to a variety of factors including metallization and does not account for 

resistance of the bond wires and package lead frame. The variance also largely depends on the 

layout of the device. 
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Figure 2.18: The I-V curves for a MOSFET device [67]. 

 

To evaluate Qg, the charge flowing into the gate, test circuit in Figure 2.17(b) is used. A gate 

resistance is determined to do the calculation. As the gate is turned ON with an applied Vgs, the 

charge is calculated by observing the gate current ig during the rise time trise for Vgs to rise to its 

maximum value. 

𝑄% 	= 	9 𝑖%𝑑𝑡
))*&+

2
. (2.18) 

Once Qg is calculated using the integral, the specific gate charge Qg,sp is  

𝑄%,7' 	= 	
𝑄%
𝐴 . (2.19) 

Using the same test circuit from Figure 2.17(b), the miller plateau of the transient waveform 

of VGS is used to calculate QSW as seen in Figure 2.19. Cadence simulation tools solve for the DC 



 
 

 37  

operating point and provide the value of Vth for a device with its respective area. The gate current 

is found through transient simulation using the circuit from Figure 2.17(b). 

The output capacitance Coss that occurs when the gate is shorted to the source is determined 

utilizing the final test circuit in Figure 2.17(c). Coss,  consisting of Cgd and Cds, is dominated by Cds. 

Cds is the result of the reversed-biased junction between the lightly doped n layer (n-well) and the 

P-body. The parasitic capacitances are shown in Figure 2.20 of a nLDMOS without the NBL layer. 

This circuit operates with the device in cutoff by connecting the gate of the n-channel device to 

ground (same as source and p-body). In addition to the DC bias of Vds, a smaller AC signal of 100 

mV amplitude is applied in series with the DC source. As the input signal charges the Cgd and Cds 

parasitic capacitances, the following characteristic is observed for the drain current where 

𝚤5S 	= 	𝐶077|F,&
𝑑𝑣57U
𝑑𝑡

. (2.20) 

 

 

 

Figure 2.19: Gate charge plot and Qsw. 
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Figure 2.20: nLDMOS cross-section with parasitic capacitances. 

 
 

During the test, it is important to size the AC and DC sources to not exceed the maximum Vds 

rating. Utilizing a transient simulation, Coss is solved by dividing the peaks of id by the derivative 

of Vds at the corresponding time interval. The specific output capacitance is then solved in the 

following equation. Coss is directly proportional to the MOS device’s width, 

𝐶077,7' 	= 	
𝐶077
𝐴 . (2.21) 

There exists a non-linear relationship between Coss and Vds, but to find a more useful 

relationship between the two, an equivalent linear capacitance is modeled as seen in [68]. The 

energy Ceq,E and Ceq,Q are modeled in a way that equivalent capacitance is calculated linearly across 

Vds without its normal dependence on the same voltage where 

𝐶&K,L =	
2
𝑉M;
9 𝑣𝐶4(𝑣)𝑑𝑣
F-

2
, (2.22) 

and	

𝐶&K,N =	
2
𝑉M;
9 𝑣𝐶4(𝑣)𝑑𝑣
F-

2
. (2.23) 
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Ceq,E and charge Ceq,Q allows a more accurate analysis of switching loss. These parameters, once 

derived in simulation, are used to model the losses of the circuit and influence design decisions 

regarding area. 

2.5 Gallium Nitride (GaN) 

For the first discrete hardware prototype, enhancement mode Gallium Nitride (GaN) devices are 

utilized for the battery charger’s transistors that act as switches. Offering many attractive qualities 

for power electronics applications, GaN became commercially available in 2009 by Efficient Power 

Conversion Corporation (EPC) [69]. GaN is one of the wide bandgap (WBG) materials, and when 

GaN transistors are used in converters, they can allow better power efficiency, lower cost, less 

weight, and greater power density than converters using Si devices. WBG materials have a large 

bandgap, the range of energy difference between the conduction band and the valence band in the 

material. Semiconductors themselves have small bandgaps (1-4 eV) while conductors have even 

smaller bandgaps. However, materials with bandgaps larger than Silicon’s handle higher 

temperatures and voltage ranges with minimal degradation. Table 2.4 offers a comparison of 

Silicon’s bandgap with those of WBG devices like GaN and Silicon-Carbide (SiC).  

 

Table 2.4: Comparison of Bandgap Energy in Semiconductors 

Silicon (Si) 1.10 eV 

Silicon-Carbide (SiC) 3.26 eV 

Gallium Nitride (GaN) 3.40 eV 
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The GaN high-electron-mobility-transistor (HEMT) is field effect transistor, but it behaves 

differently than the metal-oxide-semiconductor-field-effect transistor (MOSFET). A MOSFET 

passes charge through a channel of doped regions between source and drain whose channel width 

is controlled by a gate-to-source voltage. A HEMT has a heterojunction which is a junction between 

two materials with different bandgaps. At this heterojunction between two different materials in 

this case AlGaN and GaN, a 2-dimensional electron gas (2-DEG) forms with a channel mobility of 

reportedly over 1000 cm2/Vs depending on how the barrier layer is regrown as seen in [70]. To 

understand how the 2-DEG works at the heterojunction, see Fig. 2.21. When n-doped AlGaN 

(which has a higher Fermi level than GaN) is connected with a layer of GaN after a voltage is 

applied to the gate, electrons flow from the lower level of AlGaN to the top layer of GaN. 

Eventually, the 2-DEG growth is completed when the Fermi levels of the two materials are matched.  

 There are two types of HEMTs. GaN HEMT, a majority carrier device, made its first appearance 

in the market in “as depletion-mode transistors” [71]. However, a more beneficial type of HEMT 

is the enhancement mode transistor that does not require a negative bias on the gate to turn it off at 

converter start-up. The first enhancement-mode HEMT transistors introduced by EPC utilized GaN 

on Si substrates [69] and are advertised as a replacement for power MOSFETs. One of the other 

main advantages advertised by EPC is reduced FOM as seen in Figure 2.22 [72].  
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Figure 2.21: Formation of the 2-deminsional electron cloud [70]. 

 
 
 

 

Figure 2.22: FOM Comparison between GaN and conventional Silicon MOSFET [72]. 
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2.6 Summary 

Because batteries charge and discharge at different rates, battery balancing prolongs the overall 

life for a string of batteries in series. To balance series connected batteries, metric estimations 

using OCV, SOC, and SOH help determine how to employ the proper balancing technique. A good 

choice to accomplish active balancing is the SCC especially for 2S batteries because only one Cfly 

ESR is present. The SCC using standard modulation automatically balances batteries based on the 

OCV method, but if a SOH sensing mechanism is utilized, the control of the SCC modulation 

increases the converter’s balancing capabilities. Because the SCC consists of a similar structure to 

a FCMC, a combination of the two possibly both balances and charges 2S batteries simultaneously. 

This combined converter operation is further explored in Chapter 3.  
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Chapter 3 Proposed Design 
 
 
The switched capacitor (SC) buck three-level boost converter proposed for the battery charger is 

shown in Figure 3.1. The converter combines a switched capacitor active balancing technique with 

a three-level boost topology for the 2S battery charging applications. The application of this 

converter is two-fold: 

• Charge a 2S battery pack. 

• Actively balance the individual battery cells. 

Because the SC three-level boost topology uses a similar structure to an SCC that actively 

balances a string of cells, a combination of the two provides the two-fold application by the 

addition of only two small transistors. This adds minimum area to the overall circuit and 

contributes to the goal of reducing the number of ICs needed to implement the entire battery 

charger system with balancing onto one chip.  Because the balance current is sizably less than the 

charging current, the small (mA-rated) transistors negligibly impact efficiency. Simulations and 

hardware testing back up this efficiency conclusion. Balancing is performed in SC mode where 

only balancing occurs, but it is also possible to charge and balance the batteries simultaneously 

with the proper modulation across a range of voltage inputs. Because only one flying capacitor is 

necessary to balance a 2S string of cells, conduction loss resulting from the capacitor ESR is 

minimum. As the design indicates, a small flying capacitor is chosen with sufficient voltage rating. 

 



 
 

 44  

 

Figure 3.1: Proposed buck three-level boost converter. 

 

After the operation of the SC buck three-level boost is reviewed and the balancing technique 

investigated, a discrete hardware prototype is developed in Chapter 5 to validate the modeling of 

the converter. Chapter 6 investigates how to implement the convert on a single IC. Figure 3.1 

displays the converter topology addressed in this chapter. The conversion ratio, the ratio of the 

output to input, in terms of duty cycle for a buck-boost is 

𝑀(𝐷) =
𝐷<:!=

1 − 𝐷<007)
(3.1) 

where Dbuck is the duty cycle for the buck stage and Dboost is the duty cycle for the boost stage. 

One of the typical voltage inputs to chargers is 5 V, so in a 2S battery pack with two 4.2 V 

batteries (8.4 V), the charger must have a voltage boosting capability from input to output. This 

converter uses a three-level boost topology that meets this specification and provides balancing. 

When Vin is greater than Vout, the boost stage is optionally utilized to include the battery balancing 

functionality. As Dboost increases when Vin is greater than Vout, Dbuck decreases as shown in equation 

(3.1). Regardless of input, the flying capacitor operates with an average voltage of half the output 
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with standard modulation. The lower rated voltage devices (as compared to a convention two-level 

converter) in this design achieve a similar ron as higher voltage rated devices but with less 

switching loss. The SC buck three-level boost also can decrease the size of magnetics in the 

converter with smaller ripple characteristics compared to the two-level version.  

3.1 Three-Level Boost Converter Operation 

The three-level boost converter achieves the same conversion as a two-level structure. The flying 

capacitor adds an additional energy storage component to the operation. Throughout the switching 

period, there are intervals where Cfly charges when it is in series with the inductor. During another 

interval, Cfly discharges the energy to the output. Figure 3.2 shows the proposed topology for a 

three-level boost. IBat1 and IBat2 are the charging currents for Battery 1 and 2 respectively. 

 

 

 

Figure 3.2: Proposed SC three-level boost converter. 
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3.1.1 Example of SC Three-Level Operation 

To provide a demonstration of the converter’s ability to boost voltage and provide charging 

current, an example operating point is specified in Table 3.1. Throughout this example, the buck-

stage, high-side transistor conducts for the entire period, so the only switching actions that take 

place are in the boost stage as seen in Figure 3.3. The notation for naming the transistors in Figure 

3.2 is used until otherwise stated. The example also displays the balancing capabilities.  

A flying capacitor here is chosen larger than the minimum required based on equation (2.13). 

A large inductor is selected to make the current ripple negligible for this example. The batteries in 

2S configuration each have a nominal voltage of 3.6 V and are charged at 5 A, but Vbat2 operates 

with a slightly higher voltage (here it is assumed that Battery 2’s SOC is slightly greater). The 

active balancing behavior utilizes a small negative balance current to discharge the second battery 

and a small positive current to charge Battery 1 until the batteries reach the same potential. 

Assuming steady state operation, the output voltage is 7.86 V as the batteries first begin to charge 

and balance. Battery voltage increases to Vreg as the battery is charged.  

 

 

Table 3.1: Converter Parameters for Example Operating Point 

Symbol Name Value 

L Inductor 200 μH 

Cfly Flying Capacitance 5 μF 

Cout Output Capacitance 20 μF 

fs Switching Frequency 1 MHz 

Vin Input Voltage 5 V 

Vout Output Voltage 7.86 V 

Iout Charging Current 5 A 
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Figure 3.3: Modulation scheme for the three-level boost converter. 

 
 

 

Throughout Chapters 3, 4, and 5, GaN transistors are used to implement the switches. 

Simulations and the discrete hardware prototype utilize low on-resistance EPC2024 devices, so 

the simulations include the parasitic loss associated with each device. However, the operational 

efficiency is still high. Chapter 5 provides the background for the choice of this specific GaN 

HEMT and the optimization that went into the prototype design. The simulations here are to 

familiarize the reader with the working concepts of the FCMC used in this chapter. The inductor 

current waveform over one period, Ts, is shown in Figure 3.4. The first noticeable trait is that the 

inductor current experiences a ripple that operates at twice the switching frequency. This prevents 

larger ripple and allows designers to use smaller passives than those required for the same 

application in a two-level configuration. The current ripple here is quite small at less than 2 mA. 

The average value of the inductor current in Figure 3.4 is as expected for a Dboost of 36.4 % and an 

output current of approximately 5 A using the average model shown in equation (3.2). The average 

value of the inductor current is 

𝐼? =
𝐼0:)

(1 − 𝐷+007))
. (3.2) 
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Figure 3.4: Inductor current waveform over one period, Ts. 

 

 
 

The voltage on the flying capacitor Vcfly and the balance currents for each battery are shown in 

Figure 3.5. Notice one balance current is negative to discharge Battery Cell 2. The other balance 

current is positive to charge Battery Cell 1. The output current waveform is shown in Figure 3.6. 

The flying capacitor experiences a ripple slightly less than 600 mV peak-to-peak. The balance 

transistors are timed to only turn-on when it is conducive to creating the necessary polarity of 

balance current for each battery cell. Section 3.2 reviews the modulation of the balancing 

transistors. When the voltage on Vcfly is less than Vout/2 during the first half of the period, a 

discharging current flows through Battery Cell 2. When the voltage on Vcfly is greater than Vout/2 

during the second half of the period, a charging current flows through Battery Cell 1. On account 

of the losses in the converter, the output current operates at slightly less than 5 A. The charging 

current waveform is displayed in Figure 3.6. The balance current and voltage ripple on the output 

capacitor is why the charging current does not appear constant. Vcell2 experiences a smaller overall 

charging current than Vcell1 to balance the batteries while charging. The equivalent circuits for the 

four intervals are shown in the following Figure 3.7, 3.8, 3.9, and 3.10 where Vcell is assumed to 

be equal to VBat. Note the polarity of Cfly in intervals I and III. Interval II is the same as IV. 
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Figure 3.5: Flying capacitor voltage and balance current waveforms. 

 
 

 
 

Figure 3.6: Output current through both Battery 1 and Battery 2. 
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Figure 3.7: Interval I for the three-level boost converter. 

 
 
 
 

 
Figure 3.8: Interval II for the three-level boost converter. 

 
 
 
 
 

 
Figure 3.9: Interval III for the three-level boost converter. 
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Figure 3.10: Interval IV for the three-level boost converter. 

 
 

3.2 Balance Current 

As previously stated, the battery balancing extends the overall life of the battery pack. As a pack 

charges and discharges, imbalance in the batteries leads to issues warranting protection methods. 

The follow section examines how the active balancing scheme in SC three-level boost converter 

operates.  

3.2.1 Voltage Ripple on the Flying Capacitor 

The balance current is directly proportional to the voltage ripple, DVCfly, across the flying capacitor. 

DVCfly is defined as the voltage from the peak to the median voltage, 

𝛥𝑉MB6* =
O$

;∙M./0∙B7
∙ 𝐷+007) . (3.3)  

The choice of the flying capacitance must consider its effect on the balance current, and it must 

also exceed the minimum capacitance for the three-level topology solved for in equation 2.13.  
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3.2.2 Modeling Balancing Current 

The total balance current of the converter is the sum of two balancing currents: IBalance5 and IBalance6. 

These are the average currents over one period that flow through the balance transistors of Q5 and 

Q6 in the topology in Figure 3.2 respectively. To enable the SCC balancing function, Q5 is only 

switched ON during the ON-time of Q4. Q6 is only switched ON during the ON -time of Q1. Therefore, 

the maximum ON-time for either balance interval is Dboost∙Ts. During Dboost∙Ts, the ripple of Vcfly 

(assuming the average Vcfly is Vout/2) spends approximately half of the time at a voltage more 

positive than the Vout/2 and the other half more negative. Here in interval I and III, the flying 

capacitor is either charged or discharged (depending on the polarity of Cfly) as it is connected in 

series with the inductor. Turning ON either of the balance transistors during these intervals 

(depending on which of the 2S batteries requires more charging) introduces a balance current to 

the circuit. If the average of Vcfly is balanced to Vout/2, then both balance transistors are turned ON 

at different but equally long intervals to contribute to the total balance current. This approach adds 

two more equivalent circuit intervals. These are denoted I-B and III-B. For the following two 

figures, VBat2 > VBat1. For each balancing interval, consider the voltages across the flying capacitor 

and that of the batteries. It is desired for the balance current to discharge Battery 2. When vcfly(t) is 

less than the Vbat2, turning Q5 ON during this time allows the balance current IBalance5 to flow from 

Battery 2 and charge the flying capacitor based on the potential difference between the two where 

𝑖<#6#/!&Q(𝑡) = 	
𝑣MB6*())	 − 	𝑉+#);	 − 		𝑖MB6*(𝑡)	 ∙ 	𝑟0/T

	𝑟0/Q	
. (3.4) 

Figure 3.11 depicts interval I-B. 



 
 

 53  

 

Figure 3.11: Balance interval I-B. 

 
 
 

If the on-resistances of the power stage transistors are small, the voltage drop across the 

transistor is approximated to be negligible and the balance current then only depends on the 

balance resistance, the battery voltage, and vcfly(t). In interval III-B (Figure 3.12), positive balance 

current is needed to charge Battery 1. When vcfly(t) is greater than the Vbat1, turning Q6 ON during 

this time generates a balance current IBalance6 where 

𝑖<#6#/!&U(𝑡) = 	
𝑣MB6*())	 − 	𝑉+#);	 − 		𝑖MB6*(𝑡)	 ∙ 	𝑟0/9

	𝑟0/U	
. (3.5) 

This potential difference between vcfly(t) and VBat1 generates balance current through ron6 to increase 

the charging of Battery 1.  

The larger the flying capacitor voltage ripple, the larger the difference in voltage between the 

battery and the flying capacitor which leads to more balancing current. The maximum flying 

capacitor voltage is 

𝑉MB6*,1#4 = 	
𝑉0:)
2 + 	∆𝑉MB6* , (3.6) 

And the maximum ripple is limited to 

	∆𝑉MB6* ≤ 𝑉<#),1(/. (3.7) 
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Figure 3.12: Balance interval III-B. 

 
 
 

Voutmax, the voltage at max cell voltage, is derived knowing the highest possible output current. 

When the input voltage Vin is set to 5 V, the highest Dboost required occurs if both batteries are 

approximately charged to full voltage. The maximum output voltage Voutmax is 

𝑉0:)1#4 = (4.2	 + 	𝐸𝑆𝑅1	 ∙ 𝐼0:)) + (4.2	 + 𝐸𝑆𝑅2 ∙ 𝐼0:)). (3.8) 

The minimum output voltage further restricts the maximum flying capacitor ripple. The flying 

capacitor voltage cannot swing negative as shown in equation (3.7), so the minimum nominal 

voltage of a battery determines the maximum flying capacitor voltage ripple that the system 

operates. The maximum possible ripple sets a boundary in the selection of Cfly. Balance resistance 

needs to be designed to be sufficiently large to keep the balance current small, so the conduction 

loss across the balance transistors’ on-resistance negligibly impacts power efficiency.  

3.2.3 Inductor Current Ripple 

The current ripple of a three-level converter is simplified in Figure 3.13 over a half period followed 

by the equations for the inductor current ripple during interval I where 

D𝑖? =	
𝑉(/ − 𝑉!B6*(𝑡)

2𝐿
∙ 𝐷<007)𝑇7. (3.9) 
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Figure 3.13: Inductor current ripple over a half-period. 

 
 
 

The inductor current ripple during interval II is 

D𝑖? =	
𝑉(/ − 𝑉0:)

2𝐿 ∙ (0.5 − 𝐷<007))𝑇7. (3.10) 

 
This behavior continues in the second half of the period as interval II has the same equivalent 

circuit as IV. If smaller passives are used, there exists resonant behavior of the inductor and flying 

capacitor in series during intervals I and III. Equation (3.9) is no longer useful because it assumes 

a constant inductor slope. Equation (3.10) can still be used because here the flying capacitor is not 

present in the sub-circuit. However, the current ripple (and therefore the ILrms) may be larger than 

equation (3.9) indicates if a resonant peak occurs and then falls before the conclusions of intervals 

I and III. Figure 5.17 has an example of this current behavior. 
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3.2.4 Effect of Current Ripple on Flying Capacitor Voltage 

As current ripple increases, the efficiency of the converter decreases because of conduction losses. 

Furthermore, the inductor current ripple also has an effect on the average of Vcfly. As expressed in 

equation (3.4) and (3.5), the balance current of the converter depends on flying capacitor voltage 

and its ripple. To incorporate the balancing behavior described in Section 3.2.2, it is necessary that 

the average of Vcfly is approximately equal to Vout/2. Using the same operating parameters as the 

example in Section 3.1.1, the plot in Figure 3.14 shows how the current ripple affects the voltage 

differential between the Vcfly and Vout/2. The circuit in Figure 3.14 has buck switching transition in 

the first half-period (but not in the second half-period) which causes the voltage differential 

(discussed in Section 5.3). As ripple increases, there is a larger rms current where increases any 

disparity between the charging and discharging inductor current interval slopes (yielding a larger 

voltage differential) (Section 3.2.5). A larger inductance (yielding smaller rms currents) reduces the 

effect of any disparity. Other possible sources of voltage differential in fabricated circuits seen in 

[73] and [74] are attributed to inevitable slight variations in transistor parasitics, duty cycles, and 

other circuit parasitics natural to any PCB or IC like metal routing or copper traces.  

 

 

 

Figure 3.14: Voltage differential (Vcfly – Vout/2) vs. the inductor current ripple. 
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3.2.5 Vcfly Regulation Via Current Programed Mode 

Instead of operating with a large inductor, a more practical solution is to apply current control to 

ensure the current falls and rises at equal magnitudes; this allows the flying capacitor to charge 

and discharge equally. One of the ways converters implement current control is through current 

programed mode (CPM) [27]. As discussed in [75] and [76] for a three-level buck converter, the 

control of the inductor current balances the flying capacitor voltage and further regulates the 

output. Peak offsetting mechanism (POM) [76] is utilized in these two sources to accomplish this 

feat. Through this additional regulation, Vcfly is adjusted as needed. POM makes use of two 

different reference currents, one for each peak that the inductor current reaches during each half 

period. Using the modulation in Figure 3.3, the inductor current rises with slopes m1 and m3 and 

falls with slopes m2 and m4 using the same operating parameters in Table 3.1. The slopes are 

𝑚9 =
𝑉(/ − 𝑉!B6*

𝐿
, (3.11) 

𝑚; = 𝑚T =
𝑉(/ − 𝑉0:)

𝐿 , (3.12) 

and 

𝑚A =
𝑉(/ − (𝑉0:) − 𝑉!B6*)

𝐿
. (3.13) 

A disturbance to the flying capacitor voltage waveform creates a variation in slopes m1 

𝑚9 =
𝑉(/ − (𝑉!B6*+𝑉!B6*5(B)

𝐿
	 , (3.14) 

and m3 

𝑚A =
𝑉(/ − (𝑉0:) + (𝑉!B6* + 𝑉!B6*5(B)

𝐿
	 . (3.15) 
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Vcflydif is the difference in average voltage from Vout/2 by 

𝑉!B6*5(B = 𝑉!B6* −
𝑉0:)
2 . (3.15) 

An example operating point of the SC three-level boost charging 2S batteries where Vin = 5 V 

and fs = 700 kHz is shown in Figure 3.15. Here the slope m1 is greater than m3. Because slopes m2 

and m4 remain unchanged, the current no longer raises from its peak and falls to its floor during a 

half-period. This leads to unequal charging and discharging of Cfly and lowers Vcfly below the output 

of Vout/2. 

 
By sensing the flying capacitor voltage and comparing it with the expected dc output of Vout/2, 

the magnitude of DVcfly is determined. Because this adjusts the inductor current states throughout 

the period, and the slopes change according to DVcfly, the DVcfly difference is used to create two 

new reference current values, Iref1 and Iref2. The new reference currents are calculated below where 

Iref1 is the peak for the shut-off of Q4 and Iref2 is the peak for the shut-off of Q3. The work in [76] 

details a clear example of these reference (or command) currents that are used to control the 

inductor current for a three-level buck, and the reference currents are 

𝐼$&B9 = 𝐼$&B − ∆𝐼$&B , (3.16) 

and 

𝐼$&B; = 𝐼$&B + ∆𝐼$&B . (3.17) 
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Figure 3.15: Unequal inductor current slopes through a single switching period. 
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Peak offsetting mechanism (POM) [76] is a possible solution to the control problem of 

maintaining Vcfly closer to Vout/2. While the proper control circuitry is not designed in this paper, 

the modulation is adjusted manually based on simulation and the slopes of the inductor current to 

push Vcfly to its expected dc value. While control provides benefits to converter operation, the focus 

of this design is on the balancing and charging operation and how to integrate the two. Other 

modulation solutions shown in Section 5.3 further reduce the disturbances in inductor current that 

bring Vcfly closer to Vout/2 and provide a solution to improve the current waveform (adjusting the 

slopes of m1 and m3 to be equal in magnitude) in Figure 3.15. 

3.2.6 Modeling the Time Required for Battery Balancing 

The charging time for the two batteries to charge to Vreg is 	

𝑡𝑐ℎ𝑎𝑟𝑔𝑒 =
(𝑄𝑚𝑎𝑥 − 𝑄𝑚𝑎𝑥 ∙ 𝑆𝑂𝐶)

𝐼𝑜𝑢𝑡 ∙ 𝜂
. (3.18) 

 This is compared to the balance time. Ideally, the balance time would remain shorter than the 

average charging time, tcharge, for either battery to ensure batteries are always sufficiently balanced.  

The balance time, tbalance for cases of SOC1 < SOC2 is 

𝑡𝑏𝑎𝑙𝑎𝑛𝑐𝑒 =
(𝑄𝑚𝑎𝑥 ∙ 𝑆𝑂𝐶1 − 𝑄𝑚𝑎𝑥 ∙ 𝑆𝑂𝐶2)

𝐼𝑏𝑎𝑙𝑎𝑛𝑐𝑒
, (3.19) 

where Ibalance is the total balance current of the system (the total of Ibalance5 and Ibalance6 using the 

polarity reference of Figure 3.2). When SOC2 > SOC1, 

𝑡𝑏𝑎𝑙𝑎𝑛𝑐𝑒 =
H𝑄𝑚𝑎𝑥 ∙ 𝑆𝑂𝐶1 − 𝑄𝑚𝑎𝑥 ∙ 𝑆𝑂𝐶2I

𝐼𝑏𝑎𝑙𝑎𝑛𝑐𝑒
. (3.20) 

Section 6.1.4 utilizes these equations for evaluation of balance current performance using an 

example Qmax, the maximum capacity of a battery. 
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Chapter 4 Power Loss Modeling 
 
To further evaluate the loss models of the three-level boost converter, the following converter and 

transistor notation is referenced as relative to Figure 4.1. 

4.1.1 Three-Level Boost Conduction Loss 

One of the dominant sources of loss for the high-current battery charger using the three-level boost 

topology is conduction loss (assuming fs is not too high). In each of the following equations, the 

power loss is calculated using the rms inductor current: 

𝐼?,$17 = 𝐼?	Y	 Z1 +
1
3 [
∆𝑖?
𝐼?
\
;

] . (4.1) 

 

 

 

Figure 4.1: Parasitic resistances of the three-level boost converter with balancing FETs. 



 
 

 62  

 

ILrms is also dependent on the frequency component of the inductor current ripple. This is 

another reason the current ripple DiL of the converter is a significant parameter in terms of loss. 

Conduction loss for the on resistance,  of Q1, Q2, Q3, and Q4 are 

𝑃!0/59 = 	𝐼?;(1 − 𝐷<007)) Z1 +
1
3[
∆𝑖?
𝐼?
\
;

] 𝑟0/9, (4.1) 

𝑃!0/5; = 	𝐼?;(1 − 𝐷<007)) Z1 +
1
3[
∆𝑖?
𝐼?
\
;

] 𝑟0/;, (4.3) 

𝑃!0/5A = 	𝐼?;(𝐷<007)) Z1 +
1
3 [
∆𝑖?
𝐼?
\
;

] 𝑟0/A, (4.4) 

and 

𝑃!0/5T = 	𝐼?;(𝐷<007)) Z1 +
1
3 [
∆𝑖?
𝐼?
\
;

] 𝑟0/T. (4.5) 

The conduction loss through the balance resistors is small compared to the power loss in the power 

FETs because the balance current is negligible compared to the charging current. The conduction 

loss due to the on-resistance of these balancing FETs is 

𝑃!0/5Q = 	 Z
𝑉MB6*(𝑡) − 𝑉<#)())

𝑟0/Q
]
;

	 [
𝑡0/Q
𝑇7
\ 	𝑟0/Q, (4.6) 

and 

𝑃!0/5U = 	 Z
𝑉MB6*(𝑡) − 𝑉<#)())

𝑟0/U
]
;

	 [
𝑡0/U
𝑇7
\ 	𝑟0/Q. (4.7) 

Though the input current of the converter is limited to 3A, the inductor current increases 

significantly at high Dboost where conduction loss dominates. A large contributor to this overall 

system loss is the conduction through  DC resistance (DCR) of the inductor, but because the 



 
 

 63  

inductor is external to the chip, the loss does not count towards the on-chip loss. The conduction 

loss through the inductor DCR is 

𝑃!0/5? = 	𝐼?; Z1 +
1
3[
∆𝑖?
𝐼?
\
;

]𝐷𝐶𝑅. (4.8) 

The conduction loss through the ESR of the flying capacitor is 

𝑃MB6*LVW = 	2𝐼?;(1 − 𝐷<007)) Z1 +
1
3 [
∆𝑖?
𝐼?
\
;

]𝐸𝑆𝑅. (4.9) 

4.1.2 Three-Level Boost Switching Loss 

One of the contributors to the switching loss is the output capacitance of each power transistor 

during the turn off of Q3 and Q4. For all switching actions, there remains one switch that continues 

conducting while the others remain off. This transistor’s Vds clamps to the voltage of the flying 

capacitor, approximately Vout/2. Though the following equations simplify if each drain to source 

capacitance is equivalent, the LDMOS devices used in this charger are designed to take up a 

different area distribution leading to different output capacitances, so it is important to consider 

this in the power loss calculations described below for Coss loss where 

𝑃077A =
1
2
∙ H𝐶&KA,L + 2𝐶&K;,N − 𝐶&K;,LI [

𝑉0:)
2 \

;

𝑓7, (4.10) 

and 

𝑃077T =
1
2
∙ H𝐶&KT,L + 2𝐶&K9,N − 𝐶&K9,LI [

𝑉0:)
2 \

;

𝑓7. (4.11) 

The following figures further examine the Coss power loss by providing the equivalent circuits 

during the transitions where the loss takes place. 
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Figure 4.2: Coss loss for Q3 turn-on when Dboost < 50 %. 

 
 

 

Figure 4.3: Coss loss for Q4 turn-on when Dboost < 50 %. 
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The overlap losses occur during the turn-on and turn-off transitions of transistors Q3 and Q4. 

The higher the gate drive current capability, the faster the gate capacitance charges and discharges. 

The overlap power losses are 

	𝑃0@&$6#'A =
1
4𝑉0:)𝐼?	𝑡0@𝑓7,

(4.12) 

and 

	𝑃0@&$6#'T =
1
4𝑉0:)𝐼?	𝑡0@𝑓7.

(4.13) 

The overlap time, tov, is also displayed below as 

𝑡0@ = 𝑄7X Z
1
𝐼%,0/

+
1

𝐼%,0BB
] . (4.14) 

where Ig,on is the gate current during a transistor’s turn-on transition and Ig,off is the gate current 

for the turn-off transition. The equations that determine the gate drive current are shown below, 

where Vm is the voltage in Figure 2.19. Drive current is dependent on the gate resistance Rg,on in 

the path during turn-on and Rg,off during turn-off where 

𝐼%,0/ = 	
𝑉5$ − 𝑉1
𝑅%,0/

, (4.15) 

and 

𝐼%,0BB = 	
𝑉1

𝑅%,0BB
	 . (4.16)						 

Gate charge loss occurs for every gate included in a circuit, and each gate’s respective drive 

voltage and gate charge is utilized. The gate drive loss for the balance transistors should be small 

since they take up small area compared to the power transistors. The power loss resulting from the 

gate charge is 

𝑃%#)& = 𝑉5$𝑄%𝑓7	. (4.17) 
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If dead times are used in converter operation, there is body diode conduction of the inductor 

current during each dead time interval, tdt. Vf is the forward voltage of the device. Table 4.1 

summarizes the losses. Body diode conduction is 

𝑃<5 = 𝑉B𝐼?𝑡5)𝑓7	. (4.18) 

 

 

Table 4.1: Loss Equations for a Three-Level Boost Converter 

Symbol Type of Loss Loss Equation 

Pcond1 Q1 Conduction Loss 
𝐼!"(1 − 𝐷#$$%&) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

.𝑟$'( 

Pcond2 Q2 Conduction Loss 𝐼!"(1 − 𝐷#$$%&) '1 +
1
3 *
∆𝑖!
𝐼!
-
"

.𝑟$'" 

Pcond3 Q3 Conduction Loss 𝐼!"(𝐷#$$%&) '1 +
1
3 *
∆𝑖!
𝐼!
-
"

. 𝑟$') 

Pcond4 Q4 Conduction Loss 
𝐼!"(𝐷#$$%&) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

. 𝑟$'* 

Pcond5 Q5 Conduction Loss (𝑖<#6#/!&Q);	 [
𝑡0/Q
𝑇7
\ 𝑟𝑜𝑛5 

Pcond6 Q6 Conduction Loss (𝑖<#6#/!&U);	 [
𝑡0/U
𝑇7
\ 𝑟𝑜𝑛6 

Pov Overlap Loss 1
4𝑉0:)𝐼?	𝑄7X Z

1
𝐼%,0/

+
1

𝐼%,0BB
] 𝑓7 

PCoss3 Coss3 Loss 1
2 H𝐶&KA,L + 2𝐶&K;,N − 𝐶&K;,LI [

𝑉0:)
2 \

;

𝑓7 

PCoss4 Coss4 Loss 1
2 H𝐶&KT,L + 2𝐶&9,N − 𝐶&K9,LI [

𝑉0:)
2 \

;

𝑓7 

Pbd Body Diode Loss 4𝑉B𝐼?𝑡5)𝑓7 

Pgate Gate Loss 6𝑉5$𝑄%𝑓7 
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4.1.3 Buck Stage Loss 

A two-level buck stage is added with transistors QA and QB. The equations in Table 4.2 are included 

in the analytical models to verify simulation and hardware test results. These losses are for the 

two-level buck stage at the input of the battery charger. If the modulation in Figure 4.4 is used, the 

power loss equations related to switching are doubled. PCossA happens during the turn-on of QA, 

and overlap loss occurs at the turn-on and turn-off transition of QB. Table 4.2 shows the power loss 

equations for the two-level buck stage. 

 

 

 

Table 4.2: Two-Level Buck Stage Power Loss Equations 

Symbol Type of Loss Loss Equation 

PcondA QA Conduction Loss 
𝐼!"(𝐷#/01) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

. 𝑟$'2 

PcondB QB Conduction Loss 𝐼!"(1 − 𝐷#/01) '1 +
1
3*
∆𝑖!
𝐼!
-
"

. 𝑟$'3 

Pov Overlap Loss 1
2𝑉(/𝐼?	𝑄7X Z

1
𝐼%,0/

+
1

𝐼%,0BB
]𝑓7 

PCossA CossA Loss 1
2 ∗ H𝐶&K-,L + 2𝐶&K+,N − 𝐶&K+,LI

(𝑉(/);𝑓7 

Pbd Body Diode Loss 2𝑉B𝐼?𝑡5)𝑓7 

Pgate Gate Loss 2𝑉5$𝑄%𝑓7 
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4.1.4 Complete Loss Model for the Buck Three-Level Boost Converter 

Table 4.3 shows the power loss equations for the two-level buck stage combined with the three-

level boost. These equations are used to model the prototype built and tested in Chapter 5. The 

complete schematic for the SC buck three-level boost is shown in Figure 4.5. It includes balance 

resistors rbalance5 and rbalance6 placed in series with the balance transistors to add more resistance in 

the balancing path. Resistors are changed on the prototype to adjust balance current if needed. The 

added resistance keeps the balance current much smaller than the charging current to keep the 

conduction loss on the balancing transistors negligible. The balance transistors Q5 and Q6 have ON-

times of ton5 and ton6 respectively. 

 

 

 

Figure 4.4: Prototype schematic of proposed SC buck three-level boost (Chapter 5). 
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Table 4.3: Complete Loss Model for the Proposed SC Buck Three-Level Boost Converter 

Symbol Type of Loss Loss Equation 

PcondA QA Conduction Loss 
𝐼!"(𝐷#/01) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

.𝑟$'2 

PcondB QB Conduction Loss 
𝐼!"(1 − 𝐷#/01) '1 +

1
3*
∆𝑖!
𝐼!
-
"

. 𝑟$'3 

Pcond1 Q1 Conduction Loss 
𝐼!"(1 − 𝐷#$$%&) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

.𝑟$'( 

Pcond2 Q2 Conduction Loss 𝐼!"(1 − 𝐷#$$%&) '1 +
1
3 *
∆𝑖!
𝐼!
-
"

.𝑟$'" 

Pcond3 Q3 Conduction Loss 𝐼!"(𝐷#$$%&) '1 +
1
3 *
∆𝑖!
𝐼!
-
"

. 𝑟$') 

Pcond4 Q4 Conduction Loss 
𝐼!"(𝐷#$$%&) '1 +

1
3 *
∆𝑖!
𝐼!
-
"

. 𝑟$'* 

Pcond5 Q5 Conduction Loss (𝑖<#6#/!&Y);	 [
𝑡0/Q
𝑇7
\ (𝑟𝑜𝑛5 + 𝑟𝑏𝑎𝑙𝑎𝑛𝑐𝑒5) 

Pcond6 Q6 Conduction Loss (𝑖<#6#/!&Z);	 [
𝑡0/U
𝑇7
\ (𝑟𝑜𝑛6 + 𝑟𝑏𝑎𝑙𝑎𝑛𝑐𝑒6) 

Pov,buck Overlap Loss 1
2𝑉(/𝐼?	𝑄7X Z

1
𝐼%,0/

+
1

𝐼%,0BB
] 𝑓7 

Pov,boost Overlap Loss 1
4𝑉0:)𝐼?	𝑄7X Z

1
𝐼%,0/

+
1

𝐼%,0BB
] 𝑓7 

PCossA CossA Loss 1
2 ∗ H𝐶&K-,L + 2𝐶&K+,N − 𝐶&K+,LI

(𝑉(/);𝑓7 

PCoss3 Coss3 Loss 1
2 H𝐶&KA,L + 2𝐶&K;,N − 𝐶&K;,LI [

𝑉0:)
2 \

;

𝑓7 

PCoss4 Coss4 Loss 1
2 H𝐶&KT,L + 2𝐶&9,N − 𝐶&K9,LI [

𝑉0:)
2 \

;

𝑓7 

Pbd Body Diode Loss 6𝑉B𝐼?𝑡5)𝑓7 

Pgate Gate Loss 8𝑉5$𝑄%𝑓7 
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4.2 Discrete Time Loss Modeling 

The previous loss model described in Section 4.1 incorporates average modeling to predict how 

parasitics of the components affect converter performance. To model the complete behavior of the 

battery charger, discrete time modeling, a technique that “aims at describing the dynamics of the 

sampled waveforms with no averaging step involved in the process” as defined in [77], is also used 

to model the converter. While average modeling is simpler mathematically, often important 

converter dynamics are lost in the resulting loss models. Instantaneous values of the inductor 

currents and capacitor voltages vary from the averaged magnitude. Solutions through discrete time 

modeling involve complicated mathematical representations and differential equations, so 

computational tools such as MATLAB and PLECS, a simulation platform for power electronics, 

are needed. 

Once a circuit is drawn using available components in PLECS,  MATLAB assigns the values 

for each of the components in PLECS (as coded by the user) and incorporates the specified 

switching modulation input, so a state space representation of the converter is extracted. This 

representation provides a complete set of information describing the converter system in steady 

state. The steady-state solution is solved directly which is a major advantage compared to other 

simulation software like LTspice that has lengthy simulation times because start-up transients 

force the converter through many cycles before steady state operation is reached [78]. The initial 

state can be checked for matching with the final state for each inductor current and each capacitor 

voltage to ensure steady state operation is reached. 
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State space analysis incorporates an assumption that each interval of a switching circuit can be 

represented as a linear circuit. The state space representation is 

𝑥̇(𝑡) = 	𝐴(𝑥(𝑡) + 𝐵(𝑢(𝑡), (4.19) 

and 

𝑦(𝑡) = 	𝐶(𝑥(𝑡) + 𝐷(𝑢(𝑡), (4.20) 

where x is the state vector made of ns converter states and u is the input vector with ni inputs to the 

system. The topology-dependent matrices Ai ∈ ℝns×ns and Bi ∈ ℝns×ni are able to describe the 

converter structure. There are i intervals of the switching converter each made of an equivalent 

sub-circuit. Each of these intervals has a solution of 

𝑥(𝑡) = 	 𝑒-*)𝑥(0) + 9 𝑒-*()>[)𝐵(𝑢(𝜏)𝑑𝜏
)

2
(4.21) 

that can further described below if u(t) remains constant throughout a switching interval: 

𝑥(𝑡) = 	 𝑒-*)𝑥(0) + 𝐴(>9[𝑒-*) − 𝐼]𝐵(𝑢( (4.22) 

Over a single period Ts, the steady state solution Xss of the system with k switching circuits is 

𝑋77 = (𝛪 −l𝑒-*)*
9

(\=

)>9 ∙mnl𝑒-A)A
(39

]\=

o𝐴(>9(𝑒-*)* − 𝛪]
=

(\9

)𝐵(𝑢( 	. (4.23) 

The large signal discrete-time model of a converter is shown in the function of equation (4.24). 

It contains the states x[k], the inputs u[k], the variable(s) that are controlled c[k], and auxiliary 

variables w[k]. The variable k represents the samples, and the model is 

𝑥[𝑘 + 1] = 𝑓(𝑥[𝑘], 𝑢[𝑘], 𝑐[𝑘], 𝑤[𝑘]). (4.24) 

The large signal model linear model where Φ is the constant representing the natural response is 

𝑥[𝑘 + 1] = Φx[k] + 𝜓𝑢[𝑘]. (4.25) 
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The small-signal where Γ is the constant representing the forced response of the converter is 

𝑥x[𝑘 + 1] = Φ𝑥x[k] + 𝜓𝑢x[𝑘] + Γ𝑐̂[𝑘]. (4.26) 

The c[k] and w[k] allow the incorporation of a constraint equation to overcome a nonlinearity 

that inhibits proper converter modeling. The constraint equation is 

0 = 	𝜎(𝑥[𝑘], 𝑢[𝑘], 𝑐[𝑘], 𝑤[𝑘]))	. (4.27) 

Partial derivatives are calculated to resolve for the natural and forced responses of the system 

that avoid issues due to nonlinearity and lead to 

𝑥x[𝑘 + 1] = Z
𝜕𝑓

𝜕𝑥
−
𝜕𝑓

𝜕𝑤
{
𝜕𝜎

𝜕𝑤
|
−1 𝜕𝜎

𝜕𝑥
] 𝑥x[𝑘] 	+ 	Z

𝜕𝑓

𝜕𝑢
−
𝜕𝑓

𝜕𝑤
{
𝜕𝜎

𝜕𝑤
|
−1 𝜕𝜎

𝜕𝑢
] 𝑢x[𝑘] +	Z

𝜕𝑓

𝜕𝑐
−
𝜕𝑓

𝜕𝑤
{
𝜕𝜎

𝜕𝑤
|
−1 𝜕𝜎

𝜕𝑐
] 𝑐̂[𝑘]. (4.28) 

This leads to the equivalent constants Φ&K and Γ&K which are calculated from the equations the 

following equations where 

Φ&K =	Z
𝜕𝑓
𝜕𝑥 −

𝜕𝑓
𝜕𝑤 {

𝜕𝜎
𝜕𝑤|

>9 𝜕𝜎
𝜕𝑥]	,

(4.29) 

and 

Γ&K =	Z
𝜕𝑓
𝜕𝑑 −

𝜕𝑓
𝜕𝑤 {

𝜕𝜎
𝜕𝑤|

>9 𝜕𝜎
𝜕𝑢] .

(4.30) 

The large-signal model derived from discrete time modeling used to evaluate converter design. 

This methodology is exercised for a complete characterization of every inductor current and 

capacitor state in the SC buck three-level boost. The states include the equivalent drain-to-source 

capacitance and other parasitics that affect converter operation. The mathematical model is 

complex for the entire system, so only an example of the three-level boost with no parasitics is 

provided. The four timing intervals from Figure 3.3 are used.  
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A state X that includes only primary energy storage devices (the inductor current, the flying 

capacitor voltage, and the output voltage) is 

𝑋 = ~
𝑖?
𝑣!B6*
𝑣0:)

� . (4.31) 

The input of the converter is 

𝑢[𝑘] = [𝑉(/]. (4.32) 

The large signal model with four equivalent circuits made throughout the four switching intervals 

when only operating with the three-level boost is 

𝑥[𝑘 + 1] = 	 𝑒-C)C𝑒-D)D𝑒-E)E𝑒-F)F𝑥[𝑘] +
[𝑒-C)C𝑒-D)D𝑒-E)E × 𝐴9>9(𝑒-F)F − 𝐼)𝐵9 + 𝑒-C)C𝑒-D)D × 𝐴;>9(𝑒-E)E − 𝐼)𝐵;

+𝑒-C)C × 𝐴A>9(𝑒-D)D − 𝐼)𝐵A + 𝐴T>9(𝑒-C)C − 𝐼)𝐵T]𝑢[𝑘]. (4.33)
 

The example waveforms in Section 3.1 are generated through state space analysis. In addition, 

state space can model the states of every FET device Cds (as seen in Figure 4.5 of the voltage 

waveforms across each of the four transistors in the boost stage) and other loss mechanisms such 

as parasitic inductances. Note the notation for Figure 4.5 references the transistor names of Figure 

4.4. To model the hardware prototype in Chapter 5, parasitics of the PCB need to be included in 

the loss models.  
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Figure 4.5: Voltages across Cds observed with state space analysis. 

 
 
 

Transient simulators such as LTspice takes over ten minutes to reach steady state with a 

schematic including multiple parasitics. State space analysis provides steady state solutions in 

seconds for comparison, so state space modeling allows for a wide range of operating points to be 

quickly analyzed. Average models based on the loss equations in Chapter 4 are accurate when the 

ripple in the converter is small. However, mobile implementation limits the size of the passives 

which yields a larger ripple. As the results in Chapter 5 will conclude, this discrete loss model is 

useful in accurately describing the converter’s behavior across all operating points. However, both 

models are still useful in examining converter behavior. While the state space model completely 

models the dynamic transient behavior, the approximations of averaged loss models still provides 

an estimation of converter performance that is close to hardware results.  
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Chapter 5 Experimental Results 
 
Using the average values (of IL, Vout, Vin, and Iout) using loss equations in Section 4.1 and the state 

space model derived in Section 4.2, the circuit model is verified with a printed circuit board (PCB) 

prototype shown previously in Figure 4.4. Once this model is obtained, the converter prototype is 

built and tested in this chapter. Converter operation is further investigated as the design nears IC 

implementation. 

5.1 Discrete Hardware 

5.1.1 FPGA and Interface Board 

To implement the converter modulation, a DE0-Nano with an Altera Cyclone IV FPGA [79] is 

utilized (shown in Figure 5.1). It has sufficient pins to provide the logic signals for each gate driver 

in the converter. 

 

 
Figure 5.1: Altera Cyclone IV FPGA [79]. 
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In Figure 5.2, the PCB of the interface board is shown. The interface board works in 

conjunction with the DE0-Nano to provide six separate isolated power supplies to each of the gate 

drivers to turn-on the transistors. Two of the power supplies on the board are referenced to ground. 

Each of the eight logic signals is given two paths to the DE0-Nano to provide a backup pin for 

programming (if necessary) as seen in Figure 5.2. The pin that is chosen for each logic path has a 

resistor pad that is shorted across to allow the flow of current for the signal. The entire PCB 

prototype and FPGA system are in Figure 5.3. The FPGA has a dead time of 5 ns based on its 

clock precision, and the dead time is included in all switching intervals for the hardware testing. 

5.1.2 Power Stage Transistor Selection 

EPC GaN devices are chosen for this project because of their switching performance and power 

density. The pool of GaN devices (narrowed down by investigation of parasitics) consist of 

EPC2023, EPC2024, and EPC2020. Ceq_Q is calculated using the method in [68] as discussed in 

Section 2.4. Table 5.1 shows the parasitics of the three EPC GAN HEMTs to be used. 

Using state space analysis, the operating point in Table 3.1 is simulated. The converter operates 

at 6 A of charging current, a 2 µH inductor, and a flying capacitor of 5 µF. The modulation of 

Figure 3.3 is used. The resulting converter efficiency is analyzed and compares the performance 

of each of the three GaN devices in Figure 5.4. Gate charge loss is not included in that analysis 

because the gate charge loss is supplied from a separate power supply. The plot Figure 5.4 

concludes that EPC2023 yields the most efficient converter across a range of frequencies, but 

EPC2024 is chosen based on device availability. It provides a similar efficiency and also has 

smaller gate charge loss. If gate charge loss is included in the analysis, at higher frequencies, the 

EPC2024 would provide the most efficient converter.  
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Figure 5.2: Outer Edge of PCB Layout of Interface Board and Connections to FPGA.  
 
 
 
 
 
 
 
 
 
 
 
 

 
Figure 5.3: FPGA connected to the interface board with isolated supplies. 
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Table 5.1: Parasitics of Three EPC GaN Devices 

Symbol Name EPC2023 EPC2024 EPC2020 

Vdsmax 
 

Maximum Voltage Rating for the 

Drain to Source Voltage 

30 V 40 V 60 V 

Vgsmax 

 

Maximum Voltage Rating for the 

Gate to Source Voltage 

6 V 6 V 6 V 

ron Drain to Source Resistance 1.15 mW 1.2 mW 1.50 mW 

Qoss Output Charge  30 nC 45 nC 50 nC  

Ceq_Q  
(@ Vout/2) 

Equivalent Charge 2300 pF 2500 pF 2250 pF 

ID Maximum Drain Current 90 A 48 A 90 A 

Qg Gate Charge 19 nC 18 nC 16 nC 

 
 
 
 
 
 

 

Figure 5.4: Power efficiency test for selecting EPC GaN devices. 
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5.1.3 Balance Transistor Selection 

In order to implement the balance stage, transistors with large on-resistance and low output 

capacitance are needed. To adjust the equivalent resistance as needed, each balance transistor is 

placed in series with a pad for a surface mount resistor. To continue using GaN devices as 

discussed previously, the EPC8002 is chosen. EPC8002’s parasitics are shown in Table 5.2. It has 

high on-resistance which helps keep the balance current at small magnitudes. Large balancing 

currents in this converter lower efficiency and increase charging time. The EPC8002 also has a 

low Qoss, the equivalent charge, and Qg. 

5.1.4 Component Selection for Hardware Prototype 

Table 5.3 lists the complete component selection for the hardware prototype for initial testing.   

 

Table 5.2: Parasitics of EPC8002 

Symbol Name EPC8002 

Vdsmax 
 

Maximum Voltage Rating for the 

Drain to Source Voltage 

65 V 

Vgsmax 

 

Maximum Voltage Rating for the 

Gate to Source Voltage 

6 V 

ron Drain to Source Resistance 380 mW 

Qoss Output Charge  6.7 pC 

Ceq_Q  
(@ Vout/2) 

Equivalent Charge 13 pF 

ID Maximum Drain Current 2 A 

Qg Gate Charge 133 pC 
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Table 5.3: Component Choice and Operating Parameters for Hardware Prototype  

Symbol Value  Symbol Value 

Vin 5 V  ESR1 65 mW 
Vbat1 4.08 V  ESR2 65 mW 

Vbat2 4.10V  ESRCfly (200 kHz) 2.7 mW 
Cfly 9.1 µF  ESRCfly (500 kHz) 2.2 mW 
L 22  µH  RL 2.4 mW 

Ron EPC2024 1.208 mW  Coss EPC2024 2500 pF 

Ron EPC8002 380 mW  Coss EPC8002 13 pF 

fs varied  rbalance 3.03 W 
Iout varied  Cout 23.5 µF 

 
 
 

5.1.5 Measurement Setup 

To increase the accuracy of test measurements, extra sense probes are attached to the electronic 

loads to eliminate the voltage drop across the probe leads. The electronic loads provide an 

equivalent resistance to emulate each battery. Each electronic load provides measurements for the 

current and voltage experienced by each battery. In addition, Kelvin connections are made for the 

voltage measurements on multi-meters to measure the respective values of each directly on the 

board. Kelvin connections eliminate the voltage drop across the leads from the sources and 

improve the accuracy of test measurements. An oscilloscope compatible with differential probes 

is used to observe circuit waveforms. PCB designs need to incorporate well-placed test points for 

differential probe connections for the best measurement results if voltages waveforms not 

referenced to ground need measurements. The hardware test setup is shown in Figure 5.5. 
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Figure 5.5: Hardware Test Setup. 

 
 

5.1.6 Power Stage PCB 

A PCB is manufactured for the prototype of the SC buck three-level boost converter. A top-side 

view of the PCB (populated with the components in Table 5.3) is shown in Figure 5.6. There are 

three half-bridge GaN FET gate drivers (LMG1210) to operate the six power stage transistors. 

Each half-bridge includes a bootstrap system to supply power to the high-side device. A single 

gate driver (LM5114) is provided for each of the balancing EPC8002 devices. The flying capacitor 

has three placements with 1210 (imperial code for 0.12 in by 0.10 in) pad sizes in a parallel 

configuration to reduce the equivalent capacitor ESR. Two 2.2 µF X7R 35 V and one 4.7 µF X7R 

35 V capacitors are used to achieve an equivalent Cfly of 9.1 µF. The equivalent ESR is 

approximately 2.7 mW at 200 kHz and 2.2 mW at 500 kHz. The output capacitor has five 

placements with 0805 (0.08 in by 0.05 in) pad sizes each populated by a 4.7 µF X7R 50 V 

capacitor. Figure 5.7 shows a prototype side view, and Figure 5.8 details the four layer PCB layout. 
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Figure 5.6: PCB prototype used to test SC buck 3L boost. 

 
 

 

 
Figure 5.7: Entire system with converter PCB, interface board, and DE0-Nano (side view). 
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Figure 5.8: Buck three-level boost converter PCB. Top layer (Red) – top inner layer (Gold) – 

bottom inner layer (Light blue) – bottom layer (Blue) 

 
 

5.2 Preliminary Results and Comparison 

5.2.1 Hardware and Simulated Model Results  

Output loads of 1.5 A, 4 A, and 6 A charging currents are tested at 200 kHz and 500 kHz. The 

efficiency of the system and the balance current is measured. For testing Iout = 1.5 A, rbat1 = 2.649 

W and rbat2 = 2.662 W. The measured results for this operating point are in Table 5.4. 

Experimental data are compared with analytical calculations using the average model and state 

space analysis in MATLAB pulling states from PLECs. It should be noted that a Dbuck of 98.4% 

(200 kHz) and 96.0% (500 kHz) rather than a 100% duty cycle is used which increases Dboost. This 

is a limitation of the prototype but not the converter topology. Based on the available isolated 
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power supplies on the interface board and the large number of transistors, half-bridge gate drivers 

are chosen. However, these drivers utilize a bootstrap system to supply power to the high-side Vgs 

for each device. For this specific driver, it is calculated that the low-side device is must turn on for 

at least 40 ns to allow a path for the bootstrap capacitor to charge and supply power to the high-

side. Therefore, these duty cycles are used. A new design should incorporate low-side single gate 

drivers for each device to allow Dbuck to 100% to improve efficiency. Vcfly is captured in Figure 5.9 

relative to Vout/2. CH1 is channel one, CMM is the measurement function of the oscilloscope (used 

to calculate half of the output voltage), and CH3 is channel three for the oscilloscope. 

 

 

Table 5.4: Results for Iout = 1.5 A at 200 kHz and 500 kHz 

 Vin 

(V) 
Iin 

(A) 
Vout 
(V) 

Iout  

(A) 
Pin 

(W) 
Pout 
(W) 

Efficiency 
(%) 

Balance 
Current 
(mA) 

Ibat1 
(A) 

Ibat2 
(A) 

Experiment 4.99 2.602 8.28 1.55 13.00 12.87 99.02 17.3 1.560 1.540 

Average 
Model 5.00 2.55 8.40 1.50 12.74 12.60 98.90 15.5 1.508 1.492 

State Space 5.00 2.58 8.31 1.53 12.92 12.75 98.70 13.6 1.541 1.527 

Experiment 4.99 2.63 8.26 1.55 13.00 12.80 98.39 7.10 1.550 1.540 

Average 
Model 5.00 2.56 8.40 1.50 12.82 12.60 98.30 6.80 1.503 1.497 

State Space 5.00 2.60 8.31 1.53 12.99 12.74 97.99 5.60 1.536 1.530 
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Figure 5.9: vcfly(t) waveform for Iout = 1.5 A at 200 kHz. CH1: Vout – CH3: vcfly(t) – CHM: Vout/2 

 
 
 
 

Waveform measurements of the voltage across the balancing resistor are taken to show when 

the balancing takes place. The balance current is determined from the plots by dividing the voltage 

by the combination of the on-resistance of EPC8002 and the resistance of the balancing resistor. 

Each results table has the total balancing current that is measured using the electronic loads and 

confirmed via oscilloscope measurements. Each load reports a different current and the difference 

between the two is the net balance current. Note that the balance current decreases as switching 

frequency rises. The voltage drop is measured to show Vbal6, the voltage across the balancing 

resistor in series with Q6 supplying a positive current (referenced to positive charging current) to 

charge Battery 1. Vbal5, the voltage across the balancing resistor in series with Q5, has a negative 

current (referenced to positive charging current) to discharge the higher voltage Battery 2. Figure 

5.10 shows the balancing waveforms. 
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Figure 5.10: Balancing waveforms for Iout = 1.5 A at 200 kHz. (left) CH1: Vout – CH3: Vbal6 – 
CMM: Vout/2 –  (right) CH1: Vout – CH3: Vbal5 

 
 
 

An approximation for the total balance current, (IBalance), with small current ripple used by the 

average model is 

𝐼+#6#/!& = �

𝐼?
2 ∙ 𝐶^6* ∙ 𝑓𝑠

∙ 𝐷+007)

	𝑟<#6#/!& 	 ∙ 2
∙ 𝐷+007) ∙ 45	%� ∙ 2. (5.1) 

Equation (5.1) assumes that Vcfly is averaged to Vout/2, and the time vcfly(t) remains above or 

below Vout/2 is 45 % of Dboost∙Ts. The approximation of 45 % of Dboost incorporates output ripple. 

This approximation takes the magnitude of the ripple, divides it by the balance resistance (rbalance), 

and halves the total as if the current decreases linearly to zero as seen in Figure 3.5 and Figure 

5.10. The average is then solved by taking the halved total and multiplying it by the ratio of the 

balance time over Ts. For testing Iout = 4 A, rbat1 = 1.034 W and rbat2 = 1.039 W. The results are 

shown in Table 5.5 for both 200 kHz and 500 kHz. Figure 5.11 shows Vcfly captured at 200 kHz 

for the test point in Table 5.5 at this frequency. Followed by this is Figure 5.12 with the balance 

current waveforms at 200 kHz.  
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Table 5.5: Results for Iout = 4.0 A at 200 kHz and 500 kHz 

 Vin 

(V) 
Iin 

(A) 
Vout 
(V) 

Iout  

(A) 
Pin 

(W) 
Pout 
(W) 

Efficiency 
(%) 

Balance 
Current 
(mA) 

Ibat1 
(A) 

Ibat2 
(A) 

Experiment  5.00 7.06 8.454 4.061 35.32 34.33 97.21 51.2 4.087 4.036 

Average 
Model 

5.00 6.88 8.450 4.000 34.53 33.60 97.32 48.0 4.024 3.976 

State Space 5.00 7.03 8.506 4.024 35.15 34.23 97.27 47.5 4.048 4.000 

Experiment  5.00 6.99 8.400 4.034 34.94 33.88 96.97 18.0 4.043 4.025 

Average 
Model 

5.00 6.94 8.400 4.000 34.68 33.60 96.88 20.9 4.006 3.994 

State Space 5.00 7.05 8.509 4.026 35.25 34.25 96.86 19.0 4.035 4.016 
 

 

 

 

 

Figure 5.11: vcfly(t) waveform for Iout = 4 A at 200 kHz. CH1: Vout – CH3: vcfly(t)  – CHM: Vout/2 
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Figure 5.12: Balancing waveforms for Iout = 4 A at 200 kHz. (left) CH1: Vout – CH3: Vbal6 – 
(right) CH1: Vout – CH3: Vbal5 

 
 
 
 
 

 

Figure 5.13: vcfly(t) waveform for Iout = 6 A at 200 kHz. CH1: Vout – CH3: vcfly(t)  – CHM: Vout/2 
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For testing Iout = 6 A, rbat1 = 0.711 W and rbat2 = 0.7142 W. The results are shown in Table 5.6 

for both 200 kHz and 500 kHz. Figure 5.13 shows the Vcfly at 200 kHz. The balance waveforms 

correspond to the same operating point and frequency shown in Figure 5.13. The parasitic 

inductance does affect the waveforms in the PCB as test points on the PCB were not properly 

placed for differential probing. Each node for vcfly(t) for the hardware prototype required wire leads 

to attach to the differential probe which introduced a parastic inductance in the measurement loop.  

Though the measurement leads are attempted to be intertwined to reduce the area of the loop to 

minimize the parasitic inductance where possible, the non-ideal measurement setup leads to some 

ringing on the converter waveforms. A future prototype if needed needs to account for better 

connections for differential probing. Other sources of ringing originate from parasitic inductance 

at the source of each power state transistor. 

 

 

Table 5.6: Results for Iout = 6.0 A at 200 kHz and 500 kHz 

 Vin 

(V) 
Iin (A) 

Vout 
(V) 

Iout  

(A) 
Pin 

(W) 
Pout 
(W) 

Efficiency 
(%) 

Balance 
Current 
(mA) 

Ibat1 
(A) 

Ibat2 
(A) 

Experiment  5.00 10.70 8.554 5.976 53.48 51.118 95.58 84.8 6.018 5.934 

Average 
Model 

5.00 10.63 8.500 6.000 53.13 51.0 96.00 82.5 6.041 5.959 

State Space 5.00 10.70 8.640 5.947 53.51 51.37 95.82 80.4 5.988 5.907 

Experiment  5.00 10.61 8.511 5.950 53.07 50.63 95.43 29.9 5.965 5.935 

Average 
Model 

5.00 10.68 8.500 5.961 53.30 51.0 95.58 32.0 6.017 5.994 

State Space 5.00 10.72  8.640 5.950 53.72 51.6 95.40 31.4 5.966 5.934 
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Figure 5.14: Balancing waveforms for Iout = 6 A at 200 kHz. (left) CH1: Vout – CH3: Vbal6 – 

(right) CH1: Vout – CH3: Vbal5 

 

 

5.2.2 Data Analysis 

Additional parasitics of the PCB such as copper trace inductance are included in the calculated 

data. Across a range of loads and operating switching frequencies, both the average model and 

state space analysis report accurate predictions compared to the hardware. This adds credence that 

both the average and state space analysis approach an accurate model that correctly predicts the 

behavior of the converter. Though the average analytical model does not account for the full 

dynamic behavior of the model, it still provides a fast and near accurate approximation, especially 

at operation with small ripple. For the test results in Chapter 5, a large inductor and flying capacitor 

are utilized that limit the effect that ripple has on the circuit.  

5.2.3 Loss Model Comparison with Hardware Results 

The following plots are given to summarize the data from the simulated and hardware test results 

from Table 5.4, 5.5 and 5.7. In Figure 5.15, the efficiency across charging current at both 200 kHz 

and 500 kHz is provided. In Figure 5.16, the balance current data across charging current at both 
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200 kHz and 500 kHz is provided. Each plot shows the measurements from the hardware test setup, 

the average model equations using loss equations from Section 4.1, and state space analysis 

followed similar trends across charging current loads. The trend exists for 200 kHz and 500 kHz. 

5.2.4 Loss Breakdown 

The lowest efficiency point, Iout = 6 A at 500 kHz, is further analyzed to break down the power 

loss in Table 5.7. Gate charge loss is not included because this loss occurs in the interface board 

power separately from the converter prototype. In the tested frequency range with Vin = 5 V, 

conduction loss is the dominant source of loss and remains the highest across every operating point 

tested. The state space model provides the steady state waveforms for the operating point used in 

Table 5.7. The parasitic inductance of PCB traces affects converter waveforms and is incorporated 

in the state space model. Parasitic inductance exists because of the power loops created in layout 

of the PCB. Though the loops are designed to be small, a small inductance still is present affecting 

waveforms and estimated to be around 20 pF (for each power loop) based on comparisons between 

simulation and hardware results. IL is in Figure 5.17 and Vcfly in Figure 5.18. Figure 5.17 displays 

an inductor current that experiences different slopes in each half-period. This is because the buck 

converter only switches during one of the half-period intervals which adds an inconsistent 

disturbance. However, at large inductances, the effect on the average of Vcfly is minimum because 

the peak-to-peak current ripple is small. When inductors less than 1 μH are included in the design, 

an alternative modulation is used that is demonstrated in Section 5.3.  
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Figure 5.15: Power efficiency data at 200 kHz (left) and 500 kHz (right). 

 
 
 
 
 
 
 
 

  

Figure 5.16: Balance current data at 200 kHz (left) and 500 kHz (right). 
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Table 5.7: Power Loss Examination for Iout = 6 A at 500 kHz (Vin = 5 V) 

Type of Loss Symbol Power Percentage of Power Loss 

Conduction Loss Pcond 1.770 W 76.49 % 

Coss Loss PCoss 76.50 mW 3.31 % 

Overlap Loss Poverlap 195.6 mW 8.45 % 

Body Diode Loss Pbd 208.1 mW 8.90 % 

 

 

 

 

 

Figure 5.17: Inductor current for Iout = 6 A at 500 kHz (Vin = 5 V) from state space model. 
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Figure 5.18: Flying capacitor voltage and balance current for Iout = 6 A at 500 kHz (Vin = 5 V) 
from state space model. 

 
 
 

If the input voltage is changed to Vin = 20 V,  PCoss becomes more significant. Though it may 

come into a comparable range, Pcond remains the largest source of loss. Table 5.8 displays an 

example of Vin = 20 V operation with GaN devices, fs = 500 kHz, Dbuck = 40 %,  Dboost = 20 %, 

and an efficiency of 97.16%. The reason this converter experiences less loss is because the ILrms is 

much smaller than the value for the results in Table 5.7. Also, the equivalent Coss decreases as the 

blocking Vds voltage across the transistor increases, so the GaN HEMTs at the buck stage 

experience a smaller Coss than those at the boost stage because Vin > Vout. However, GaN HEMTs 

have higher Coss than the LDMOS devices used in the IC design. As Table 5.8 concludes, 

conduction loss remains the largest source of loss for the SC buck three-level boost converter. 

Therefore, devices with smaller on-resistance should be selected to increase converter efficiency. 
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Table 5.8: Power Loss Examination for Iout = 6 A at 500 kHz (Vin = 20 V) 

Type of Loss Symbol Power Percentage of Power Loss 

Conduction Loss Pcond 879.5 mW 55.63 % 

Coss Loss PCoss 350.0 mW 22.2 % 

Overlap Loss Poverlap 286.6 mW 18.2 % 

Body Diode Loss Pbd 63.3 mW 4.01 % 

 
 
 
 

5.3 Buck Modulation Examination via State Space 

In the previous experiments, the buck stage uses the conventional two-level modulation. As the 

design changes its focus towards IC design, smaller passives are required leading to large ripple 

on energy storage components. An alternative modulation strategy when a two-level buck is added 

at the input stage is given in this section to provide better balancing on Vcfly. 

5.3.1 Alternative Buck Stage Modulation 

As discussed in Section 3.2.5, reducing the disturbances in the inductor current between each half-

period results in  Vcfly balanced closer to Vout/2. When Vin < Vout, the high-side of the two-level buck 

input stage is turned ON for the duration of the period (Dbuck = 100 %). A different approach is 

taken when Vin > Vout.  The required Dbuck for the two-level input is then split in half between each 

half-period. Because the three-level converter experiences its current ripple at twice the switching 

frequency, switching the buck in this manner allows equal disturbance for each half-period which 

leads to better balancing on the flying capacitor. The tradeoff for this benefit is that the input buck 

stage experiences twice the switching loss. Another possible solution is to place a three-level buck 
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stage at the input instead which also has the same inductor current qualities. If a situation arises 

where only the buck stage is needed (Q3 and Q4 are held ON during the entire period), the 

modulation in Figure 5.19 is not used because of large switching loss. The conventional buck 

modulation is then used. 

5.3.2 Alternative Buck Stage Evaluation with State Space Analysis 

To show how the buck modulation from Figure 5.19 provides better balancing at Vcfly in large 

ripple scenarios, examine the following figures where Dboost = 19 %, Dbuck = 38.8 %, Vin = 20 V, 

Iout = 5 A, Cfly = 4.7 μF, fs = 500 kHz, and both batteries are nearly fully charged. State space is 

used to provide model waveforms. In Figure 5.20, conventional two-level buck modulation is used 

with a large inductor of 200 μH. Because the current ripple is small, Vcfly is still approximately 

balanced to Vout/2 although lower than the expected value by 32 mV. Notice the various slopes of 

the inductor current. This offset leads to Ibalance6 not being able to achieve an equal but opposite 

magnitude as Ibalance5. 
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Figure 5.19: Alternative modulation for the buck three-level boost converter.  

 

 

 

 

Figure 5.20: iL(t) (left) and vcfly(t) with balance currents (right) when L = 200 μH. 
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In Figure 5.21, the conventional two-level buck modulation is used, but the inductance is now 

10 μH. The current ripple increases to twenty times the previous experienced in Figure 5.20. At 

all points, vcfly(t) is smaller than Vout/2. No positive balancing currents are possibly generated. An 

investigation of the converter balancing when only balance transistor is activated per period is 

done next. In Figure 5.22, only one balance transistor is activated during 45 % of the interval when 

balancing is possible. When only Q5 is activated, 67.0 mA of balance current is achieved to 

discharge Battery 2. When only Q6  is activated, 66.0 mA of balance current is achieved to 

discharge Battery 2 (which improperly discharges Battery 1, so this balancing cannot be used). If 

only Q5 is activated for the entire duration of possible ON-time (while Q6 is conducting), 69.0 mA 

of balance current is achieved to discharge Battery 2. In Figure 5.23, operating Q5 for a longer 

amount of time actually helps push the average of Vcfly towards Vout/2 from the scenario, so the 

overall balance current remains the relatively the same as the value in Figure 5.22. 

 

 

 

 
Figure 5.21: iL(t) (left) and vcfly(t) with balance currents (right) when L = 10 μH. 
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Figure 5.22: Ibalance5 (left) and Ibalance6 (right) modeled in state space when L = 10 μH. 

 
 
 
 
 
 
 
 

 

Figure 5.23: Ibalance6 with an ON-duration of Dboost∙Ts modeled in state space when L = 10 μH. 
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 In Figure 5.24, the buck duty cycle is halved and switches at 2∙fs using the modulation from 

Figure 5.19 using an inductance of 10 μH. Because the disturbance of the buck switching is 

experienced during each half period, the inductor current charges and discharges Cfly equally 

during each half period. The total balance current is 68 mA, but the efficiency of the system drops 

to 91.6 % from  93.41 % (with L = 10 μH and conventional two-level modulation) because of the 

increased switching loss. However, the EPC2024 loss models used in these salutations have higher 

Coss loss the LDMOS devices to be used in the IC design, so the power loss increase is not as large 

in the IC design. The main advantage of the buck switching at 2∙fs is balancing of Vcfly to half the 

output voltage. Chapter 6 demonstrates that the average of Vcfly maintains a value close to half the 

output when the inductance decreases below 10 μH (down to the range of 100’s of nanohenries). 

As indicated in Figure 5.22 and Figure 5.23, the only balancing capability possible if vcfly(t) is 

always less than Vout/2 is when Vbat1 is less than Vbat2. CPM could perhaps adjust the Vcfly average 

to that greater than Vout/2 to balance the batteries when Vbat1 is greater than Vbat2, but that is not 

researched in this work.  This work focuses on the SC integration feasibility with the three-level 

boost, so the alternative modulation in Figure 5.19 is used for future modeling and testing. Future 

work investigates if the modulation in Figure 5.19 (that aids the balancing of the average of Vcfly 

to half the output voltage) is worth the increased switching power loss. Other input structures like 

the three-level buck may provide the balancing of the average Vcfly to half the output voltage and 

better power efficiency than the two-level buck input stage using the alternative modulation. 
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Figure 5.24: iL(t) (left) and vcfly(t) with balance currents (right) when L = 10 μH. 
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5.4 Other Battery Charging Scenarios 

State space analysis is used to evaluate other battery situations that the SC buck three-level boost 

charger may face. The previous sections only address small voltage differentials between VBat1 and 

VBat2 where VBat2 is slightly greater and both batteries are near full charge. In all the following 

examples, the inductance is 200 μH, Cfly is 2.2 μF, Vin = 20 V, Iout = 5 A, fs = 1 MHz, and EPC2024 

GaN FETs are chosen for the transistors. PCB parasitics are not included. The alternative buck 

modulation in Figure 5.19 is used, and Dboost is 15.0 %. No other parasitic losses are considered. 

The balancing time is 45 % of the possible time to balance (Dboost∙Ts). Balance resistance is 1 Ω. 

5.4.1 Large Voltage Differential 

Battery 2 is replaced with a new battery (assume 100 % SOC and VBat2 = 4.2 V) and Battery 1 is 

near depletion with a current voltage of VBat1 = 3.6 V. This example is shown in Figure 5.25. 

Balancing current of 40 mA is provided to balance the battery system, and there is no difference 

than previous charging tests and examples other than a 0.6 V initial voltage difference between the 

two batteries. 

5.4.2 Battery 1 Voltage Greater Than Battery 2 

A similar situation where Battery 1 is replaced with a new battery (assume 100 % SOC and VBat1 

= 4.2 V) and Battery 1 is near depletion with a current voltage of VBat2 = 3.6 V. This example is 

shown in Figure 5.26. A total balance current of 40 mA is also generated 
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Figure 5.25: iL(t) (left) and vcfly(t) with balance currents (right) when VBat2 >> VBat1. 

 
 
 
 
 
 
 
 
 
 

 

Figure 5.26: iL(t) (left) and vcfly(t) with balance currents (right) when VBat2 << VBat1.. 
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5.5 Inductor Current Control Testing 

Though the PCB prototype operates in open-loop, the FPGA is manually programmed to tune the 

current waveform. A hardware test is conducted to prove tuning the timing interval based on 

inductor current evaluation pushes the average of Vcfly closer to Vout/2. The first test shows Vcfly 

without any tuning. Knowing 5 ns is the smallest increment of adjustment available with the Altera 

Cyclone IV FPGA, the second test decreases the length of interval I by 5 ns, increases the length 

of interval II by 10 ns, and decreases III by 5 ns to keep Ts the same. The converter operates at 

95.59 % efficiency at 45 W, 5A output operating point. The frequency is 500 kHz. Vin = 5 V, so 

the inductor current is large with Dbuck = 97.2 % and Dboost = 45.17 %. Since Vout is 8.0 V, half of 

the output voltage is 4.0 V. Pictured left in Figure 5.19 is Vcfly before tuning where the average 

value is of Vcfly 3.76 V. After adjusting the timing intervals, the average Vcfly is increased to 3.9 V 

(pictured right in Figure 5.19). Vcfly moving closer to Vout/2 allows for better tuning of the current 

waveform which allows the converter to balance batteries in all scenarios (as discussed in section 

5.4). The manual FPGA offset allows increases the efficiency from 95.59 % to 95.67 %. Further 

tuning of the timing intervals is required to move the average of Vcfly to half of the output voltage. 
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Figure 5.27: vcfly(t) voltage waveform for Iout = 5 A at 500 kHz with no tuning (left) and with 
tuning (right). CH1: Vout  – CH3: vcfly(t)  – CHM: Vout/2 

 
 
 

5.6 Experiment Conclusions 

A detailed review of the hardware prototype and component selection is provided. Experimental 

data gained from the use of a prototype allowed comparison with simulation and analytical loss 

predictions. Ultimately, the test results of the converter matched the modeled predictions from the 

average and state space models in both efficiency and balancing current. While the large passives 

included in initial hardware tests provide low variation in ripple, smaller passives are necessary 

for the limited area available on mobile electronics. The reason for including large passives in 

initial testing was to preemptively limit working variables to make possible hardware debugging 

more manageable. However, the PLECS model accurately includes the full dynamic behavior of 

the converter even with large ripple. Though Chapter 5 utilized a two-level buck input, the IC 

design for the input is not optimized in this work. A suggested input stage would be a two or three-

level buck, and the one used in Chapter 6 design is the two-level buck with the modulation from 
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Figure 5.19 (validated in Section 5.3). Comparisons of the model and hardware with large ripple 

operation are in Chapter 6. With a working prototype and accurate models of the converter like 

the state space model, the design of the IC is the next step where layout and chip area become 

important design parameters not previously considered. 
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Chapter 6 IC Chip Design 
 

6.1 SC Buck Three-Level Boost IC Design 

The maximum output current for the SC buck three-level boost is derived based on the inputs 

given. This sets the bounds of the converter design as explained in Section 6.1.3. Next, the 

transistors are selected based on voltage rating. LDMOS devices are selected since they provide 

higher blocking voltage in each technology node. Finally, the passive components are selected 

accordingly. With the limited volume available for mobile charging circuitry, height is one of the 

most important factors in passive component selection. A 4.00 mm x 4.00 mm quad-flat no leads 

(QFN) 28 pin package is selected for the chip (Figure 6.1) to make IC production costs comparable 

to similar-sized commercial products from Table 1.2. The combined area of on-chip transistors 

must fit inside the die attach (cavity) area, Achip = 5.76 mm2 (2.4 x 2.4 mm). 
 

 

 

Figure 6.1: QFN package specifications [80]. 
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The IC parameter for Achip is included in Table 6.1 that illustrates the requirements the battery 

charger IC must meet. Though the SC buck-three level boost stage accommodates a wider 

operating range of USB inputs, the design process of this work investigates the simultaneous 

function of three-level boost and the balancing transistors and details a possible method of design 

on-chip. The maximum charging benefit of the SC three-level boost topology depends on a wide 

range of factors including the type of input stage (two or three-level buck), modulation, and the 

parasitics of the LDMOS devices in an available process, and the total area available for all the 

transistors. Area optimization is needed for the entire SC buck three-level boost to fit on a single 

IC that meets market standards in terms of chip size and performance. The SC three-level boost 

IC can potentially be used to implement a three-level buck stage as well (and use a chip for each 

three-level converter to implement the system), but this work focuses on the SC three-level boost 

and uses a two-level buck stage utilizing the alternative buck modulation in Figure 5.19. 

 

 

Table 6.1: Battery Charger Requirements 

Converter Parameter Symbol Requirement 

Input Voltage Vin 5 V < Vin < 20 V 
 

Input Current Iin Iin < 3 A 
 

Overall System 
Efficiency 

𝜂 𝜂 > 96 % 

On-Chip Loss  
(Power Dissipation) 

PD PD < 1 W 

On-Chip Area Achip Achip < 5.76 mm2 

Balance Current Ibalance Ibalance  > 15 mA 
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6.1.1 Loss Model in Terms of Device Area 

The three-level boost converter is evaluated with the loss expressions on Table 6.2. All the loss 

mechanisms (and the specific device parasitics) depend on the active device area, A, as seen in 

Section 2.4. Though an input with a three-level buck converter is not explored in this work, this 

three-level buck is evaluated with the similar loss expressions in Table 6.3. All the loss 

mechanisms (and the specific device parasitics) depend on the area denoted A1, A2, A3, and A4. The 

balance transistors have areas A5 and A6. 

 

 

Table 6.2: On-chip Loss Equations for a Three-Level Boost Converter (Transistors Only) 
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Table 6.3: On-chip Loss Equations for a Potential Three-Level Buck (Transistors Only) 

Symbol Type of Loss Loss Equation 

Pcondbuck1 Q1 Conduction 
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6.1.2 Transistor Selection 

For a given semiconductor fabrication process, device selection may be limited. The potential 

benefit that the SC buck three-level boost provides is limited by the quality of the transistor devices 

at its disposal. For example, 7-V Vds devices generally have lower FOM as compared to a 12-V 

Vds device. If those two devices are the only ones available in a process and the required rating of 

the device is 8 V, then the design must use the 12 V device. Ideally, an 8-V device leads to better 

overall efficiency (8-V selection here ignores any safety factor). Lower rated voltage devices 

achieve a similar Rsp as higher voltage rated devices but with less switching power loss. 

For the semiconductor CMOS process available for this design, 12-V high performance (HP) 

nLDMOS devices are chosen from the available transistors in the 180-nm CMOS process used in 

this work. The 12-V transistors exhibit the smallest parasitics of the devices that sufficiently handle 

the blocking voltage (Vout/2 plus a safety factor for voltage overshoot). The nLDMOS has a highly 

doped n-region connected to its NDD to decrease the drift region resistance. The nLDMOS device 

referenced to ground is non-isolated, but the top three switches of the three-level boost include an 

NBL pickup ring to provide isolation. This configuration includes a DPW that lets the bulk tie to 

the non-ground referenced source and the p+ isolation ring (substrate connection) tie to ground 

(the lowest potential node). 

6.1.3 Maximum Output Current 

At higher output currents, the overall output voltage increases with more voltage drop across the 

battery ESR. Conduction loss is the major contributor of loss since the inductor current flows 

through its DCR and through the on-resistance of three transistors at all times in the buck three-
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level boost. Limiting Dboost limits inductor current and therefore conduction loss. The higher the 

Dboost, the greater the inductor current. To achieve the highest possible output current, Dboost is set 

to zero. The highest possible Dbuck for whatever buck stage is used occurs at Vin = 20 V and yields 

the highest potential output current. The conversation ratio M(D), 

𝑀(𝐷) =
𝐼(/
𝐼0:)

, (6.1) 

is 

𝑀(𝐷) =
𝐷<:!=

1 − 𝐷<007)
. (6.2) 

The limit specification of 3 A for the input current in terms of duty cycle is 

𝐷<:!=
𝐼0:)

1 − 𝐷<007)
< 3	𝐴. (6.3) 

The previous equations assume an efficiency of 100 %. Using these expressions, the 

parameters are solved across the range of Vin to determine the highest possible output current, 

Iout,max = 6.486 A, to aid passive component selection. Figure 6.2 shows the changing parameters 

of Dboost, Dbuck, IL (equal to Iout), and Vout. 
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Figure 6.2: The maximum possible output current based on available inputs. 

 
 

6.1.4 Selection of Flying Capacitance 

In equation (3.3), an expression is given for the flying capacitor voltage ripple. However, the ripple 

should not exceed the minimum nominal voltage of a 4.2 V battery. 3.6 V is chosen here to 

represent the nominal voltage, so the maximum voltage ripple for this design is 

	∆𝑉MB6* ≤ 3.6	𝑉. (6.4) 

If a different voltage is needed, the following design process is still valid. Because decreasing Cfly 

increases ΔVCfly, there is a minimum value for Cfly. Cfly must still be sized sufficiently for large 

inductor currents as indicated in equation (2.13) as well, and the largest currents occurs when Vin 

is greater than Vout. The smaller the Cfly, the more balance current that is generated, so minimizing 

Cfly as much as possible improves balancing performance. 
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The flying capacitor ripple is largest at the peak product of Dboost∙IL, but there are other more 

constraining values to determine the minimum Cfly. Additionally, because power loss is dominated 

by conduction current and there is a finite area available in the chip to reduce ron, high Dboost is not 

an option at maximum output current because of the high inductor current. A large value of Dboost 

is given (Dboost = 40 %) in a worse-case loss scenario to find the minimum flying capacitor that 

still sufficiently functions across all operating points. At Dboost of 40 %, it is not feasible to size the 

transistor small enough to keep conduction loss by itself below PD at Iout = 6 A. 

Cfly can be implemented with a single surface mount component to minimize area on the mobile 

circuit, and a 0603 size selection is reasonable in mobile devices. The PCB prototype incorporates 

multiple flying capacitors in parallel to lower the equivalent ESR, but this is a luxury that limited 

space does not always provide. Capacitors of 1 μF and 2.2 μF are available commercially for this 

size and sufficient voltage rating (greater than Vout/2). The minimum flying capacitance is solved 

using equation (2.13) and considers every possible output current. The 350 kHz switching 

frequency is used to increase ILrms as a pessimistic scenario.  

 

 

 

Figure 6.3: Minimum flying capacitance with fs,min = 350 kHz. 



 
 

 115  

Based on Figure 6.3, 2.2 μF is an acceptable selection for operation that always exceeds a 

switching frequency of 350 kHz. If a smaller Cfly is desired, the Cfly and fs product (inversely 

proportional to the voltage ripple) is examined: 

	𝐶B6* ∙ 𝑓7 	≥ (2.2	𝜇𝐹)(350	𝑘𝐻𝑧). (6.5) 

The result is 

	𝐶B6* ∙ 𝑓7 	≥ 0.77	𝜇𝐹 ∙ 𝑘𝐻𝑧. (6.6) 

If a 1 μF capacitor is chosen based on Figure 6.4, it would restrict the operational frequency to 

be greater than 770 kHz as predicted by equation (6.6). Using this product of Cfly and fs is also 

useful in examining the performance of the total balance current. The goal specified in Table 6.1 

is to achieve a balance current greater than 15 mA based on current market balancing products. To 

demonstrate what this means for battery operation, consider the equations for tcharge and tbalance in 

Section 3.2.6. If tbalance is less than tcharge, the batteries are always balanced before the completion 

of a charging process. Using an example Qmax of 3 Ah, rbalance = 1 Ω, a Dboost of 25 %, and a 

charging  current of 5 A, example scenarios are addressed in Figure 6.5 of a charge differential 

(between the two batteries) of 1.0 % and Figure 6.6 with a 0.5% charge differential are examined. 

In both cases, points that have less than 15 mA of total balance current or a Cfly and fs greater than 

the maximum are not plotted. With balancing happening simultaneously, the SOC charge 

differential between batteries should remain small (less than 1.0 %). Figures 6.5 and 6.6 

demonstrate the effectiveness of 15 mA of balance current. 
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Figure 6.4: Minimum flying capacitance with fs,min = 770 kHz. 

 

 

 

 

Figure 6.5: Balancing performance with SOC1 = 41.0 % and SOC2 = 40.0 %. 
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Figure 6.6: Balancing performance with SOC1 = 41.0 % and SOC2 = 40.95 %. 

 

 

With SOC charge differentials as small as 0.5 %, there is flexibility in rbalance selection. Though 

this work does not optimize the value of rbalance, there exists a rbalance that finds the best tradeoff in 

power efficiency (higher IBalance means more conduction loss) and shorter balancing times. For the 

rest of the design process in this work, the 2.2 μF is selected to provide a greater range of operating 

frequencies. 

6.1.5 Selection of Inductor 

In order to fit inside a mobile device, an inductor height must not exceed 1.4 mm. QFN package 

ICs are around 1 mm in height, so inductors are one of the largest components on the circuit. The 

inductor is also limited to a planar area comparable to the IC itself, so the length and width of the 
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surface mount inductor is at maximum 4.3 mm. When looking at the available inductors that meet 

the size specifications, there exists a tradeoff between inductance (that reduces the current ripple 

which decreases conduction loss and provides more flying capacitor stability) and DCR. 

It is assumed that the buck stage provides similar current ripple magnitudes as the three-level 

boost and requires an inductance solved in equation (2.13). Unless the Iout,max is lowered so that 

Dboost > 0 % (and the double buck modulation is used), theoretically a three-level buck input stage 

could also achieve this behavior. A two-level buck using the modulation in Figure 5.19 can further 

reduce the required inductance for a particular ripple but at the unnecessary expense of doubling 

the switching loss. At maximum charging current, the loss budget is exceeded as the high 

conduction loss (even with reduced ripple) combines with the doubled switching loss.  

The maximum current ripple DiLmax for a given L and fs experienced by the converter occurs at 

Dbuck of 25 %. However, a constant ripple is not a constraint for this converter. The maximum ILrms 

and ILpk staying under the saturation threshold are used as boundary parameters instead. Therefore, 

the ripple is allowed to change as long as those conditions are met. Increasing fs allows a selection 

of a smaller L for a given DiL but at the expense of increased switching and conduction loss. 

Therefore, for the given size restrictions, it is preferred to select the largest L that still meets power 

loss specifications. In Table 6.3, the top four inductors provided by circuit vendors are tabulated. 

 

 

Table 6.4: List of Possible Inductors for IC 

Inductor Inductance 
L 

DCR Isat IL,pk (not a 
datasheet value) 

Irms 40°C 
Rise 

XEL4014-221 220 nH 9.50 mW 18.2 A 14.00 A 12.0 A 
XEL4014-331 330 nH 12.0 mW 14.6 A 11.23 A 9.0 A 
XEL4014-561 560 nH 18.4 mW 11.6 A 8.92 A 7.5 A 
XEL4014-781 780 nH 22.8 mW 9.8 A 7.54 A 6.5 A 
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 Additional losses, such as ACR and core loss, are not shown in the table above but are 

considered. For a given frequency, the 780 nH inductor constrains the current ripple to a smaller 

value. However, the power loss in the inductor is quite high. Even without ripple at Iout = 6.486 A, 

the conduction loss through the DCR alone is approximately 1 W which is quite high for the system 

efficiency, so the 780 nH inductor is not chosen based on efficiency metrics. 

The Irms 40°C rise current value indicates a temperature threshold based on the operating 

inductor current. Mobile devices are generally designed to limit the temperature of the charging 

Li-ion batteries between 50-60°C, so it is good practice to select components with good thermal 

qualities. However, the temperature rise due to power loss is the main design criteria. At higher 

temperatures, DCR increases (as well as overall loss) and the nominal inductances gets smaller. 

Finding the inductor conducive to the highest efficiency usually results in the inductor with better 

thermal qualities. 

Inductors are constrained to a peak inductor current ILpk that is 30 % below the saturation 

current. ILpk then is found for each inductor in Table 6.4. Using the average loss model for a three-

level buck using the equations in Table 6.3, a frequency and area sweep for three-level buck is 

examined for the 560 nH inductor in Figure 6.7 and the 330 nH inductor in Figure 6.8. All points 

that exceed ILpk are not plotted. In order to keep the peak current below 8.92 A at maximum charge 

current, a frequency greater than 1 MHz is required for the 560 nH inductor. A similar 

characteristic occurs with the 330 nH. All plots account for inductance decreasing with Lnom with 

increasing current. 
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Figure 6.7: Power loss examination for three-level buck with a 560 nH inductor. 

 
 
 

 
Figure 6.8: Power loss examination for three-level buck with a 330 nH inductor. 
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The plots conclude 330 nH yields a more efficient maximum charging system than the 560 nH 

inductor. The maximum rms current for the 330 nH inductor is 7.04 A. In Figure 6.9, the three-

level buck transistor power loss in an IC using the remaining 220 nH inductor needing 

examination.  

 
The conclusion of the plots and other data provided by Coilcraft reveals the 330 nH inductor 

leads to the most efficient operation. It has a sufficiently high saturation current and the second-

lowest DCR. The XEL4014-331 also has the lowest core loss above 1 MHz (AC losses calculated 

according to Coilcraft’s online resources). Therefore the 330 nH is chosen for the rest of the design 

with its maximum rms current of is 7.04 A.  

 

 

 

Figure 6.9: Power loss examination for three-level buck with a 220 nH inductor. 
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As a side-note, inductors with smaller L than 220 nH for the same height available 

commercially have smaller saturation currents, so this is the best choice from available products 

for the design. The XEL4014-331 is conducive for achieving a higher charging current while 

maintaining efficiency requirements. Based on three-level converter operation, only required a 

fourth of the inductance as compared to two-level versions, so it makes sense that 330 nH offers 

good performance. Other buck-boost chargers implemented with two-level structures 

commercially operate around 1 MHz and require inductors around 1 μH. The 330 nH inductor is 

approximately a fourth of that value as seen in equation (2.11) and (2.12). It should be noted that 

frequencies higher than 1 MHz are required when operating with maximum charging current 

because conduction loss needs to be reduced (with smaller current ripple). The converter may 

operate at lower frequencies to simultaneously balance and charge batteries which is the Cfly is 

chosen for frequencies greater than 350 kHz. 

6.1.6 Minimum On-Resistance for Boost IC during Maximum Charging 

For the three-level boost in this maximum charging current mode, the high-side transistors are on 

for most of the entire period (if not the entire duration if the input stage and ripple constraints 

allow). The only source of loss in the three-level boost stage here is the conduction loss through 

those two transistors because there is no switching action. If only the three-level boost is placed 

on IC, then PD is equivalent to the conduction loss. Again, 1 W is the maximum for the on-chip 

loss. Boundaries are needed to simplify the design process. If the entire area is distributed between 

the only Q3 and Q4, the two transistors conducting current, the maximum on-resistance allowed is  

𝑃. ≥	 𝐼?$17; ∙ (𝑟0/A + 𝑟0/T). (6.7) 
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For maximum charging current operation, the first input stage utilizes the three-level buck. To 

achieve maximum charging current with a current limit of 3 A and Vin is 20 V. Based on the 

previous plots in Figure 6.9 with the 330 nH inductor and the ripple constraints based off the Isat 

(putting the maximum ripple at 4.83 A), the minimum frequency for operation with a buck stage 

(with the boost’s Q1 and Q2 on for the entire period) is 1.06 MHz. Using this maximum rms current 

of 7.06 A, the maximum on-resistance for each high-side device is solved using equation (6.7) as 

10.09 mW. Based on the 12V LDMOS Rsp not disclosed here per TSMC’s NDA, the devices are 

sized with the sufficiently available area to meet this requirement. Therefore, a boundary of 

maximum on-resistance did not further restrict design parameters (like switching frequency) since 

enough area is available to size the transistors for a small on-resistance. The balancing operation 

should be addressed next for another boundary.  

6.1.7 Transistor Area Distribution 

The operation where balancing occurs simultaneously with charging is limited by loss. Here 

switching loss is now considered. The maximum ripple to meet this specification for converter 

operation depends on the output current. The higher the charging current, the less ripple a converter 

allows. In order to include balancing with the charging operation, the boost stage is activated. 

Because both switching and conduction transistor parasitics depend on the active area allotted, it 

is now helpful to investigate what type of performance die area, Achip, can provide. 

Not all of Achip is dedicated to the on-chip nLDMOS devices. Within that die area cavity, the 

pad frame with electrostatic discharge (ESD) protection and the seal ring for the IC must also be 

placed. Fortunately, large transistors sized for high-current applications do not require as extensive 

of ESD protection as typical for analog and digital applications with small area FETs. The 
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dimensions of a pad frame depend on the process, and the seal ring within the pad frame is placed 

a few micrometers (for the 180-nm process) from the die edge to the pad edge as well. The actual 

area remaining for transistors is called the “core.” The core area, Acore, is now approximately 5.0 

mm2. Area distribution yields an optimized efficiency and space tradeoff. Using the variable r to 

represent a percentage of the area, Aopt, dedicated to high-side devices (Q1 and Q2), there exists an 

r that leads to the highest efficiency for every operating point. The limited Acore available for 

transistor sizing is one of the challenges associated with integrated high-current applications and 

is described by 

𝐴0') = 2𝐴"(%",7(5&𝑟	 +	2𝐴60X,7(5&(1 − 𝑟) (6.8) 

6.1.8 Design Methods for Channel Width and Length 

Additionally, the layout of the transistor provides additional tools to size MOSFET gate W and Lg 

according to the design goals of the circuit. For a transistor, the number of “fingers” of the gate 

poly may be adjusted. For a power transistor, the number of fingers per device might be restricted 

to increments of two. With nf representing the number of fingers, WF representing the width per 

finger, and mi representing the number of devices in parallel, the equivalent Wequivalent is  

𝑊&K:(@#6&/) = 𝑛𝑓 ∙ 𝑊^ ∙ 𝑚𝑖. (6.9) 

In the following figure, each device has nf = 2, but the layout determined for the source and drains 

affect the equivalent values of MOSFET W. In Figure 6.10 with nf = 2 and mi = 1, the equivalent 

width is 

𝑊&K:(@#6&/) = (2) ∙ 𝑊^ ∙ (1) = 	2𝑊^ . (6.10) 

The technology used for IC design provides a thick layer of copper metal at the top interconnect 

level. Beneath the top metal is five equally thinner metal layers. The flow of current should be 
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directed through the top layer to reduce power loss due to the metal resistance. Because the thicker 

top metal is less resistive, it is crucial for connecting high current nodes. The metallization, the 

process of interconnecting the active components of an IC with metal conductors [55], needs to 

provide a low resistance path for current. Figure 6.11 shows two parallel single-finger MOSFETs. 

To understand the difference between the black and white colored contacts, a cross-sectional view 

of the transistor and its metallization is needed. A typical approach to metallization in a side-view 

cross-section of the same switch in Figure 6.11 is in Figure 6.12 with only four metal layers. Each 

metal bus is connected to a circuit node. Active region contacts that are black are connected to the 

top metal layer through vias and metallization while the white contacts are not connected to the 

top layer. 

In Figure 6.13, an example for current flow is shown. Current moves through a finger from the 

top-level metal bus through the lower metal layers (connected by vias) and finally through the 

active region contacts (colored black). Then the current proceeds through the active layer of the 

drain. If the proper Vgs is applied, current has a path from drain to source. The current then flows 

to the source bus through the source active layer. This layout strategy is conducive to larger power 

densities to provide more active area for a given device. Area is a limited resource, especially for 

ICs in high-current applications. Using the active area more efficiently reduces power loss and the 

size of the IC package needed for implementation. Other factors, however, also limit the design 

from utilizing all of Acore. Each high voltage LDMOS requires a p+ isolation ring, and those 

transistors with a source not referenced to ground required an additional NBL n+ buried (pickup) 

and bulk (backgate) ring.  
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Figure 6.10: Example of a transistor layout providing twice the width. 

 

 

 

Figure 6.11: Top view two parallel MOSFETs each with a single finger. 
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Figure 6.12: Cross-section (side view) of a single finger of the transistor in Figure 6.8. (left): 
side A or B - (right): side A’ or B’ 

 
 

 

 

Figure 6.13: Current flow through a transistor’s finger (top view). 



 
 

 128  

 
Figure 6.14 shows a two-finger transistor with all of the isolation rings. This design specifies 

300 μm as the maximum distance from any part of NBL pickup ring to the center of the device for 

a single transistor. The phrase “pickup ring” is generally given to the active area of guard ring 

encircling the perimeter of the n-type isolation tub required for nLDMOS devices with non-ground 

referenced source/bulk terminal connections (e.g., high-side switches).  The pickup ring enables 

the designer to electrically tie the isolation tub to the highest potential supply voltage available to 

the IC, thus helping to mitigate the injection of charge during transients to the substrate (and 

therefore throughout the chip) while allowing the implementation of high-side switches.  For a 

power electronics IC, the p-type bulk of a high-side FET resides within a n-type isolation 

tub.  Design and utilization of pickup rings is vital to power electronics IC design thus helping to 

mitigate the injection. The spacing of these rings also consumes a large portion of the core region. 

Around one-third to one-half of the core is actually left for area, A, that determines the parasitics 

of the device. An A of 2 mm2 is adopted for this IC. 

Additionally, Figure 6.14 shows an example of how to connect gate fingers with region 

contacts (colored back) and vias. The region contacts (colored black) connect to the bottom metal 

layer and vias connect each metal layer used in the gate routing. Because gate poly is highly 

resistive, each finger is routed to a metal layer to decrease the resistance in the path of the gate 

signal. To show why this is important, consider the parasitic resistances and capacitances of the 

IC. For the gate signal Vgs, there is resistance through the poly and a Cgs that forms an RC network. 

The example RC network in Figure 6.15 has the resulting signal (shown in red) from a square wave 

input after it passes through the RC filter in Figure 6.16. 
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Figure 6.14: Two-finger LDMOS with a butted source and isolation rings. 

 
 
 
 

 

Figure 6.15: RC network with a driver and receiver gate. 
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Figure 6.16: Resulting signal from a square wave input through a RC filter. 

 
 
The time constant, τ, for the RC network as explained in [81] is  

𝜏 = 	𝑅𝐶. (6.12) 

The time, tr, it takes for the Vgs signal to rise from 10 % to 90 % final value is 

𝑡$ = 	2.2𝜏. (6.13) 

The time, tsettle, it takes for the Vgs signal to settle to its final value is 

𝑡7&))6& = 	5𝜏. (6.14) 

As the τ increases, the delay for Vgs to settle takes a longer duration of time. For a multi-finger 

FET, a large τ affects the rate at which each transistor is turned ON. Fingers close to the input gate 

driver will turn on faster than those farther away. Gate channels with a large τ may not even turn-

on within the required time interval which affects the transistor’s on-resistance and current 

capability. Overcurrent can damage the device permanently. Therefore, lowering τ as much as 

possible is important for IC function. A few ways to decrease τ is routing gate signals through 

metal rather than gate poly, and intelligent placement of the gate signal relative to all the receiving 

gate channels is crucial as well. This demonstrates that without proper layout, a converter design 

cannot achieve its potential intended benefit and perhaps not even properly operate on an IC. 

Though the package for the IC in this work is based off process availability, other options are 

available that may provide better performance. Bond wire and package lead resistance are often 
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comparable with the on-resistance of the power FETs which hinders performance and increases 

on-chip loss. One solution such as the WLCSP (wafer level chip scale package) is a flip-chip 

technology. WLCSP routes its signals through a bumped die that is soldered directly onto a circuit 

pad, so bond wire resistance is removed from the system with only metallization resistance left. 

An example of WLCSP is provided in [82]. 

6.2 Operation Designs 

There are multiple designs of the proposed SC buck three-level boost to investigate. The maximum 

charging current at 100 % efficiency has been found, but an additional design should account for 

the highest possible charging current that simultaneously balances batteries with at least 15 mA of 

balance current with an acceptable PD. For the maximum charging current that can simultaneously 

balance cells under PD, an optimized ratio, r, for the high-side switch area (A1 plus A2), is calculated 

for every frequency and Dboost for the selected Cfly and inductor (which considered inductance 

decreasing from Lnom across charging current and frequency) using MATLAB. To take full 

advantage of the benefits of charging and simultaneous balancing this IC provides, area needs to 

be optimally distributed between the FETs because of the limit of Acore. Operating points that 

produce less than 15 mA of balance current or that yield an ILrms or DVcfly that exceed maximum 

limits are not considered in the following plots. Each point of operation uses the optimized area 

Aopt calculated in equation (6.8) based on the loss models for the three-level boost. Once Imax is 

found, the optimized r for that point is kept for the remainder of the scenarios. The point where 

maximum simultaneous charging and balancing can occur results in highest loss potential (thus 

needing the optimized area to maximize peak performance). 
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6.2.1 Current Ripple Evaluation for Buck Three-Level Boost Operation 

The buck (two-level with double frequency modulation) and boost are used together in the design 

verification in Chapter 6. With the buck three-level boost scheme, the inductor current ripple 

behaves differently as opposed to either just a buck or boost topology. To demonstrate, examples 

are provided with fs = 1 MHz, Vin = 20 V, and Iout = 6 A. In Figure 6.17, Dbuck (41.3 %) is greater 

than Dboost (10 %)  and the double frequency modulation is used (so the Dbuck is split equally 

between each half period). The inductor current ripple at that operating point is 

D𝑖? =	
−𝑉0:)
2𝐿 ∙ (0.5 −

𝐷<:!=
2 )𝑇7. (6.15) 

In Figure 6.18, half of the total Dbuck (32.3 %) is less than Dboost (30 %) with the double 

frequency modulation used. Here the inductor current ripple calculation is not as straightforward. 

Because the inductor current begins to fall after Dbuck/2∙Ts is reached, equation (6.15) cannot be 

used. Ideally, the ripple could be calculated without a sub-circuit where Vcfly affects the inductor 

voltage, VL. An approximation can be made that Vcfly is averaged to Vout/2. Then the inductor 

current ripple during the time duration Dbuck/2∙Ts is 

D𝑖? =	
𝑉(/ −

𝑉0:)
2

2𝐿
∙ (
𝐷<:!=
2

)𝑇7. (6.16) 
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Figure 6.17: Example of Dbuck/2 > Dboost for double buck modulation. 

 
 

 

Figure 6.18: Example of Dbuck/2 < Dboost for double buck modulation. 
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If a three-level buck converter is placed at the input, a similar current ripple evaluation is 

conducted. When Dboost = 0, the range of Dbuck that takes place for every output current is shown 

in Figure 6.19. When the charging current rises above 6 A, Dbuck is greater than 50 %. As Dboost 

increases for balancing operation capability, Dbuck moves to a smaller ratio comparatively per 

output current. If Dboost is at least 10 %, then the Dbuck remains below 50 % for output currents 

greater than 4 A. Using this approach, the current slopes can be re-calculated. If Dbuck is greater 

than 50 %, the following equations would not apply. When Dboost is less than Dbuck, the ripple is 

D𝑖? =	
−𝑉0:)
2𝐿 ∙ (0.5 − 𝐷<:!=)𝑇7. (6.17) 

When Dboost is greater than Dbuck, the ripple is 

D𝑖? =	
𝑉(/ −

𝑉0:)
2

2𝐿
∙ (𝐷<:!=)𝑇7. (6.18) 

 

 

 

Figure 6.19: Dbuck for every output current load when Dboost is set to zero. 
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Throughout the analysis, Dboost can be no greater than approximately 31.5 % to prevent ILpk 

from being reached. Because three-level buck hardware is not implemented, the maximum 

charging current while simultaneously balancing moves forward with the two-level buck using 

modulation from Figure 5.19.  

6.2.2 Hardware Verification of Loss Models 

Lowering the balance resistance increases balance current, though this begins to lower efficiency.  

Frequency and Dboost are also other parameters that affect balancing but at the trade-off of 

efficiency. Optimization is required to find this maximum charging current point that has a PD of 

less than 1 W. Before this is done, analysis of hardware and current loss models is re-examined 

with small current ripple. Refining the models allows for possible optimization later. 

The operating point in Table 6.5 is tested with the hardware prototype from Chapter 5 (using 

GaN FETs), the average model, and the state space representation of the converter. Waveforms 

for the hardware prototype and state space simulation are shown in Figure 6.20, 6.21, 6.22, and 

6.23. While Cfly is 2.2 μF, the only inductor available was the 200 nH XEL4030-201MEC. This 

inductor has a low 2.15 mW DCR and a saturation current of 22 A, but it has a height of 3.2 mm 

(too high for use in mobile devices). The electronic load is set to rbat1 = 0.9981 W (Vbat1 = 4.19 V 

plus the ESR drop) and rbat1 = 0.9983 W (Vbat2  = 4.2 V plus the ESR drop). 
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Table 6.5: Results for Iout = 4.5 A at 800 kHz (Dboost = 25 % , Dbuck = 35 %) 

 Vin 

(V) 

Iin 

(A) 

Vout 
(V) 

Iout  

(A) 
Pin 

(W) 
Pout 
(W) 

Efficiency 
(%) 

Balance 
Current 
(mA) 

Ibat1 
(A) 

Ibat2 
(A) 

Experiment  20.0 2.225 9.09 4.5488 44.5 41.49 93.24 25.1 4.557 4.540 

Average 
Model 

20.0 2.174 9.00 4.50 43.48 40.95 94.18 28.0 6.041 5.959 

State Space 20.0 2.179 9.03 4.525 43.69 40.85 93.25 29.6 4.538 4.501 
 
 
 
 
 
 
 
 
 
 

 
Figure 6.20: vcfly(t) waveform for Iout = 4.5 A at 800 kHz. CH1: Vout  – CH3: vcfly(t)  – CHM: 

Vout/2 
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Figure 6.21: Balancing waveforms for Iout = 4.5 A at 800 kHz. (left) CH1: Vout  – CH3: Vbal6  – 

(right) CH1: Vout  – CH3: Vbal5 

 
 
 
 

 

Figure 6.22: State space inductor current waveforms for Iout = 4.5 A at 800 kHz. 
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Figure 6.23: State space flying capacitor voltage and balance current waveforms for Iout = 4.5 A 

at 800 kHz. 

 
 

Both loss models (state space and average) approximate the hardware well. However, this is 

because of an adjustment to the average model. As seen in the previous balancing figures, balance 

current no longer takes the shape of a triangle. The approximation in equation (5.1) is no longer 

valid. Adjusting the balance current characteristic approximation for that of a rectangle yields the 

expected balance current which is done with 

𝐼<#6#/!& = �

𝐼?
2 ∙ 𝐶^6* ∙ 𝑓𝑠

∙ 𝐷+007)

	𝑟<#6#/!& 	
∙ 𝐷+007) ∙ 45	%� ∙ 2. (6.19) 

While this helps provide fast estimation with the average model, state space analysis must now be 

utilized to more accurately characterize the model. 

The experimental Vcfly experiences a peak-to-peak ripple of about 1.2 V. Though Vcfly is close 

to Vout/2, state space reports a differential of 150 mV between Vcfly and the Vout/2 which is similar 
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to but slightly larger than the prototype result. The PCB layout is designed with a long path 

between the positive and negative connection for the inductor. This leads to larger parasitic 

inductances than other circuits loops that are intentionally minimized further. More parasitic 

inductance at the switch node allows for greater overall power inductance and decreases ripple, so 

the prototype L is larger than 200 nH. To understand the waveform of vcfly(t), consider the 

resonance between Cfly and L during the intervals that charge/discharge Cfly. The resonant 

frequency f0 [27] for the LC network is 

𝑓2 =
1

2𝜋�𝐶B6* ∙ 𝐿
. (6.20) 

The value for f0 in Chapter 5 was 112 kHz using the larger passives. Using Cfly of 2.2 μF and an 

inductor of 330 nH (200 nH is used in hardware validation), f0 becomes 186.8 kHz (or 240 kHz 

with a 200 nH inductor). Therefore, as operating frequency gets closer to f0, more resonant 

behavior is experienced by Vcfly. Using as large an inductor as possible allows a smaller f0. The 

state space model examines the vcfly(t) waveform with different Ts. The operating conditions other 

than the frequency are used from Table 6.5. The following two figures (6.24 and 6.25) show four 

plots of vcfly(t) at fs of 2 MHz, 1.2 MHz, 400 kHz, and f0 = 240 kHz. Figure 6.25 shows the fully 

resonant behavior of vcfly(t), and the ripple on Cfly becomes large at this small of a frequency. This 

resonant behavior actually increases the actual IBalance. Future work is needed to optimize Cfly 

against the minimum in equation (2.13) and fs to increase balance performance. Increasing f0 is 

necessary then. 
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Figure 6.24: vcfly(t) and balance current waveforms for Iout = 4.5 A at 2 MHz (left) and at 1.2 
MHz (right). 

 
 
 
 
 
 
 

 

Figure 6.25: vcfly(t) and balance current waveforms for Iout = 4.5 A at 400 kHz (left) and at f0 = 
240 kHz (right). 
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For the operation in Table 6.6, τL is still around 10 μs but Ts is 2 μs, so fs is just over double of 

f0. The non-uniform behavior of the slope of Vcfly is therefore more noticeable at 500 kHz than the 

converter in Table 6.5. The balance currents are smaller because Iout = 1.5 A with Vin = 5 V. Other 

parameters are Dbuck  (96 %), Dboost  (46.38 %), rbat1 = 2.864 W (Vbat1  = 4.19 V plus the ESR drop), 

and rbat1 = 2.865 W (Vbat2  = 4.2 V plus the ESR drop). The waveforms for vcfly(t) are shown in 

Figure 6.26, and the voltage across the balance resistors is shown in Figure 6.27. State space 

inductor current, flying capacitor voltage, and balance current waveforms for Iout = 1.5 A at 

switching frequency of 500 kHz are shown in Figure 6.28 and Figure 6.29 respectively. Table 6.6 

displays a power efficiency variance between hardware and loss models. Normally, further testing 

could pin-point the reason for this variance. However, the balance current behavior and waveform 

characteristics of state space still follow hardware results well. It is possible that the efficiency 

variance is due to a large parasitic resistance introduced to the circuit when a small inductor 

(smaller than the pad) is soldered onto a pad through the use of a large solder blob. Solder has a 

higher resistivity, so a poor inductor connection to the pads (increasing resistance of inductor path) 

is a possible culprit.  

 

 

Table 6.6: Results for Iout = 1.5 A at 500 kHz (Dboost = 46.38 % , Dbuck = 96 %) 

 Vin 

(V) 

Iin 

(A) 

Vout 
(V) 

Iout  

(A) 
Pin 

(W) 
Pout 
(W) 

Efficiency 
(%) 

Balance 
Current 
(mA) 

Ibat1 
(A) 

Ibat2 
(A) 

Experiment  5.0 2.805 8.72 1.52 14.03 13.2 94.36 36.5 1.536 1.450 

Average 
Model 

5.0 2.710 8.80 1.50 13.55 13.20 97.42 35.9  1.518 1.482 

State Space 5.0 2.910 9.00 1.51 14.55 14.14 97.18 37.3 1.568 1.531 
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Figure 6.26: vcfly(t) waveform for Iout = 1.5 A at 500 kHz. CH1: Vout – CH3: vcfly(t) - CHM: Vout/2 

 
 
 
 
 
 

 
Figure 6.27: Balancing waveforms for Iout = 1.5 A at 500 kHz. (left) CH1: Vout – CH3: Vbal6 – 

(right) CH1: Vout – CH3: Vbal5 
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Figure 6.28: State space inductor current waveform for Iout = 1.5 A at 500 kHz. 

 

 

 

Figure 6.29: State space vcfly(t) and balance current waveforms for Iout = 1.5 A at 500 kHz. 
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The average model is able to predict balance current fairly well because of the shape of the 

waveform, but state space is the model that follows the true behavior of the waveform without 

having to adjust any parts of the model. 

6.2.3 Maximum Operation Point of Simultaneous Charging and Balancing 

Now that the both models have shown the ability to estimate operation of the SC buck three-level 

boost, these models are used to find the maximum charging current that can also simultaneously 

balance batteries. The average model can quickly sweep through thousands of operating points 

within a few seconds, so the average model is used to survey a wide range of points to narrow the 

search. The state space model, which is much faster than other transient simulators but takes time 

to sweep through this many operating points, is then used to examine the narrowed range. The 

converter analyzed is the SC buck three-level boost with the modulation from Figure 5.19, the 

inductor of 330 nH, and a Cfly of 2.2 μF. The plots do not record data where the maximums of ILrms 

current, the ΔVCfly, or the ILpk are exceeded or if less than 15 mA of IBalance is achieved. The 

optimized ratio, r, is calculated for every frequency and Dboost. Acore of 2 mm2 is used. 

As Figure 6.30 indicates, there is not a single point for Iout = 6.0 A that has a Ploss less than 1 

W. The same is true for Iout = 5.25 A in Figure 6.31. For balancing functionality to take place with 

the available area for the IC package described in Section 6.1.7, it is necessary to move to an 

operating point that provides a lower charging current per PD constraints. Figure 6.32 shows the 

power loss examination at Iout = 5.0 A. The balance current examination using the average model 

at Iout = 5.0 A is shown in Figure 6.33. Only balance current measurements that exceed 15 mA are 

plotted.  
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Figure 6.30: Power loss examination at Iout = 6.0 A 
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Figure 6.31: Power loss examination using the average model at Iout = 5.25 A. 
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Figure 6.32: Power loss examination using the average model at Iout = 5.0 A. 
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Figure 6.33: Balance current examination using the average model at Iout = 5.0 A. 
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Finding the overlap these two plots shows the available operating points that still provide over 

15 mA of balance current and less than 1 W of PD. There is a small window useable for balancing 

operation at 5.0 A charging current. This is the approximately the highest possible current that still 

achieves balancing, but further optimization is needed to provide a definite solution. In the plot of 

Figure 6.33, over 15 mA of balance current is achievable at 1.050 MHz and Dboost = 19.0 %. Here 

r is 75 %. Because this area distribution also meets the requirements for the minimum on-resistance 

required to achieve the highest Iout, this area distribution is kept for the remainder of the design. 

Using the state space model, a narrowed sweep is done from 1 MHz to 1.2 MHz across every Dboost 

from 18 to 20 %. The plot is displayed in Figure 6.34 and contains the resulting balance current at 

that interval. 

 

 

 

Figure 6.34: Balance Current examination using state space model at Iout = 5.0 A. 
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To validate this design, a single operating point is examined with Iout = 5.0 A, fs = 1.050 MHz, 

and Dboost =19.0 % by state space analysis. The high side transistors are given 75 % of the total 

chip area to maximize efficiency at this operating point. The result is shown in Figure 6.35 and 

Figure 6.36. This operation matches up with both the state space and average model sweep. Over 

18 mA of IBalance and the PD for  IC remains under 1 W. In both models, only the loss of the 

transistors is counted towards the 1 W limit. 

If the limit of the peak inductor current is ignored, the balance current is shown in Figure 6.37 

where the balance transistors have a rbalance of 300 mΩ. All points below 850 kHz remain below 

PD of 1 W. 500 mA of balance current is achieved at a smaller frequency. Though rbalance is not 

optimized in the work, if conduction loss through the balance transistors is allowed to increase 

without the chip exceeding 1 W of PD, then the adjustment of rbalance can yield high balance 

currents. The SC buck three-level boost is capable of more than 15 mA of balance current. 

 

 

 

Figure 6.35: State space vcfly(t) and balance current waveforms for Iout = 5.0 A at 1050 kHz. 
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Figure 6.36: State space inductor current waveforms for Iout = 1.5 A at 500 kHz. 
 

 

 

 

Figure 6.37: Balance current levels ignoring the limit of inductor current and rblalance = 300 mΩ. 
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6.3 Summary 

In this chapter, design analysis for an IC for mobile battery chargers is examined. The area Acore 

and the parasitics of the transistors sets a limit on the potential of the SC buck three-level boost 

converter. Layout (physical design) is critically important to maximize the area for devices while 

minimizing transistor parasitics for this high-current application. Though balancing is not yet 

possible at the maximum charging current without exceeding PD = 1 W with the transistors 

available in the process at hand, balance current greater than 15 mA is possible for 5 A charging 

current on an IC that contains the three-level boost (four power transistors), the gate circuitry, and 

the two balance transistors. The allowable die area is constrained to that of commercial state-of-

the-art mobile applications. State space modeling is a valuable resource used in this work to closely 

predict the resonant behavior of the small energy storage components utilized in the converter. The 

design followed the requirements in Table 6.1 with passives sized accordingly for mobile 

applications. Chip area is distributed between the transistors to prevent operation from exceeding 

PD. Average modeling, though not as accurate as the state space model, is useful in narrowing the 

field of operating points for further investigation with state space analysis. The result is a converter 

that provides a maximum charging current comparable with other commercial IC products for 2S 

batteries in Table 1.2 and that can also simultaneously charge and balance batteries when the input 

voltage is 20 V and the charge current is 5 A. Some level of balancing is possible for all operating 

points less that yield less than 5 A of charge current. 
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Chapter 7 Conclusions 
 
Mobile devices are ever prevalent in the modern world. With each mobile device advancing with 

intricate applications to meet consumer needs, mobile electronics require more power-efficient 

charging capabilities than ever before. Consumers still desire rapid charge times, so battery 

charging technology that can quickly recharge batteries but still provide required energy is critical. 

Many vendors are moving towards 2S battery chargers because increasing the battery system 

voltage (compared to a single battery cell system) reduces the amount of charging current it takes 

to achieve a particular charge time. However, battery strings with multiple batteries in series 

require balancing to prolong battery life and maximize the energy utilization of the batteries 

throughout the charging process. Instead of a multi-chip system to provide all the complex 

functions required to properly charge and balance batteries in a 2S configuration, a single chip 

solution is proposed using the SC three-level boost converter. A buck input stage can be added to 

incorporate a larger input voltage range. 

7.1 Contributions 

This thesis explored the design of the SC three-level boost converter as a integrateable mobile 

battery charging topology with balancing capability. The operation of the converter utilizes only 

two additional transistors (from the conventional three-level boost charging structure) that only 

require milliamps of current rating to interact with the flying capacitor to balance the batteries. 

Additionally, one fourth of the inductance is required for the charger as compared to other 
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commercial charging products with two-level topologies. A wide range of operating points is 

explored based on the input of the USB Type-C standards. Parameters such as modulation, passive 

sizing, frequency limits, and transistor sizing are investigated with the goal of achieving sufficient 

balancing current at the highest possible charging current without exceeded the maximum on-chip 

loss.  

The voltage of the flying capacitor is determined to have a major effect on the balancing 

operation. The larger the voltage ripple on the flying capacitor, the larger the magnitude of the 

total balance current. Battery balancing is possible when either Battery 1 or 2 has the greater SOC 

if the average of the flying capacitor voltage over one switching period is near half of the output 

voltage. Because the average of the flying capacitor can be less than expected because of parasitics 

and unequal disturbances between each half-period from input stage switching, manual tuning of 

the inductor current is shown to adjust the magnitude of the flying capacitor voltage. A hardware 

prototype using the alternative buck modulation (for the input stage) where the buck duty cycle is 

halved and switched at twice the frequency allows experimental verification of the average and 

state space models for charger and balancer operations. State space models are verified to more 

accurately describe converter behavior when the smaller passives (required for small area mobile 

applications) are used leading to large ripple operation. 

Because only a limited area is available on-chip based on the maximum chip size that is still 

marketable (4.00 mm x 4.00 mm) and transistor isolation is needed for LDMOS devices not 

referenced to ground, efficient layout design and area distribution is required for the battery 

charger to offer its full benefit. Layouts not conducive to high power efficiency limit the maximum 

achievable charging current that can simultaneous balancing because of the chip power dissipation 

limits. Through the state space models verified through experiment, the battery charger has the 
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potential to operate with 6.4 A charging current comparable to other IC chargers on the market. 

The SC three-level boost IC with a buck input stage can also provide charging current up to 5 A 

that has both balancing and charging capability without exceeding the power dissipation limits of 

an IC based on the thermal resistance for a QFN package.  

7.2 Recommended Future Work 

While the area distribution for optimizing transistors is accomplished, there is room to further 

investigate the optimization of all the converter parameters to maximize the performance in terms 

of power efficiency, balance current, and power density. Other high-efficiency, high-voltage 

semiconductor fabrication processes that can provide transistors with smaller parasitics may be 

available in the near future.  

Further work is required to investigate the input stage of the converter and how it should 

operate. Additionally, a current program control method increases the converter’s ability to set the 

value of the flying capacitance voltage. There could be potential benefits for the SC three-level 

boost to operating away from half the output voltage in terms of increasing the balance current. 

Semiconductor research and even other layout design improvements could provide more benefit 

for the converter. The entire buck three-level boost converter could be integrated onto a single 

chip. 
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